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Abstract
Subsampling can be used in a radio receiver to perform signal downconversion and sample-and-hold
operations in order to relieve the operation frequency and bandwidth requirements of the subsequent
discrete-time circuitry. However, due to the inherent aliasing behaviour of wideband noise and
interference in subsampling, and the difficulty of implementing appropriate bandpass anti-aliasing
filtering at high frequencies, straightforward use of a low subsampling rate can result in significant
degradation of the receiver dynamic range. The aim of this thesis is to investigate and implement
methods for integrating filtering into high-frequency signal sampling and downconversion by
subsampling to alleviate the requirements for additional front-end filters and to mitigate the effects
of noise and out-of-band signal aliasing, thereby facilitating use in integrated high-quality radio
receivers. 

The charge-domain sampling technique studied here allows simple integration of both
continuous-and discrete-time filtering functions into high-frequency signal sampling. Gated current
integration results in a lowpass sin(x)/x(sinc(x)) response capable of performing built-in anti-aliasing
filtering in baseband signal sampling. Weighted integration of several successive current samples can
be further used to obtain an embedded discrete-time finite-impulse-response (FIR) filtering response,
which can be used for internal anti-aliasing and image-rejection filtering in the downconversion of
bandpass signals by subsampling. The detailed analysis of elementary charge-domain sampling
circuits presented here shows that the use of integrated FIR filtering with subsampling allows
acceptable noise figures to be achieved and can provide effective internal anti-aliasing rejection. 

The new methods for increasing the selectivity of elementary charge-domain sampling circuits
presented here enable the integration of advanced, digitally programmable FIR filtering functions into
high-frequency signal sampling, thereby markedly relieving the requirements for additional anti-
aliasing, image rejection and possibly even channel selection filters in a radio receiver. 

BiCMOS and CMOS IF sampler implementations are presented in order to demonstrate the
feasibility of the charge-domain sampling technique for integrated anti-aliasing and image-rejection
filtering in IF signal quadrature downconversion by subsampling. Circuit measurements show that
this sampling technique for built-in filtering results in an accurate frequency response and allows the
use of high subsampling ratios while still achieving a competitive dynamic range. 

Keywords: charge-domain, FIR filtering, quadrature downconversion, radio receivers,
sampling, subsampling
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List of symbols and abbreviations

A/D analogueue-to-digital 
BiCMOS bipolar CMOS, a semiconductor process containing both bipolar and CMOS

transistors
BW signal bandwidth
CCD charge-coupled device
CMOS complementary metal-oxide semiconductor process containing both NMOS and

PMOS transistors
CMU current multiplier unit
CR capacitor-resistor
CT continuous-time
DT discrete-time
FIR finite-impulse-response
GSM Groupe Spécial Mobile, Global System for Mobile Communications
GBW gain-bandwidth product
I real channel
IIR infinite-impulse-response
IF intermediate frequency
IMR image rejection ratio
LO local oscillator
LSB least significant bit
MOS metal-oxide semiconductor
MSB most significant bit
NF noise figure
NMOS n-channel MOS
OSR oversampling ratio
PMOS p-channel MOS
Q imaginary channel
rms root mean square
SC switched-capacitor
SFDR spurious-free dynamic range



SiGe silicon-germanium
SNR signal-to-noise ratio
RC resistor-capacitor
RGC regulated cascode circuit structure
RF radio frequency
RX receive band
T temperature on the Kelvin scale
THD total harmonic distortion

A input signal amplitude
A0 amplifier dc gain
Cin opamp input capacitance
Co transconductance cell output capacitance
Cs sampling capacitance
fB bandpass signal bandwidth
fc bandpass signal or filter center frequency
fp amplifier 3-dB bandwidth 
fs (output) sampling frequency
fs,FIR built-in FIR filter sampling frequency
Gm transconductance
hk FIR filter tap coefficient for sample k
k Boltzmann’s constant, integer
N FIR filter impulse response length
Nin input noise power
Nout output noise power
Ro transconductance cell output resistance
Rsw sampling switch on-resistance
Tf embedded FIR filter sampling period
Ti integration period
Ts sampling period
Vin input voltage signal
Vout output voltage signal
Zo output impedance

σt standard deviation of timing jitter
τ integrator dominant time constant
ωt opamp unity-gain angular frequency
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1 Introduction

1.1 Motivation and aim of the research

The increasing of radio receiver integration level has been under intensive research for over
a decade. The well-known advantages of increased integration lie in lower manufacturing
costs due to the smaller circuit area, and in the reduced need for external discrete
components, usually also leading to decreased overall power consumption, which is
especially important for hand-held devices. Several new architectural solutions have been
presented [1], [2], and already mature topologies, such as the direct conversion receiver,
have been re-used along with sensible circuit-level solutions [3] to overcome the problems
associated with the low integration level of traditional heterodyne receivers. The use of
these architectures, along with conventional continuous-time (CT) analogue circuit design
techniques, such as multiplying mixers, variable gain amplifiers and CT baseband filters,
has resulted in highly-integrated receiver chip implementations for widely used mobile
phone standards such as GSM [4]. Receiver topologies based fundamentally on analogue
signal processing nevertheless often require advanced technologies such as BiCMOS/SiGe
BiCMOS for successful implementation, and may possess poor scalability for integration
in the most modern sub-micrometer CMOS processes, which are required for cost-efficient
realization of the baseband signal processing functions in the receiver [5].

A different, very straightforward solution for increasing the receiver integration level is
to transfer the signal sampling and analogue-to-digital (A/D) interface from the baseband
to higher frequencies, i.e. to an IF, or optimally directly to RF, and to use a high-speed
A/D converter to enable further signal processing to take place in the digital domain. As an
inherent advantage, digital signal processing allows elimination of the non-idealities of
analogue signal processing, such as device noise and non-linearities, and of component
mismatches. Technological progress towards diminished transistor feature size, especially
in pure CMOS processes, also favours an increased level of digital signal processing in
receiver implementation, since increasing switching speeds of MOS transistors allow dense
integration of large amounts of high-speed digital logic on the same chip with the receiver
front-end [5],[6],[7]. A fully software-defined radio [8], and even a partially programmable
radio supporting multiple wireless standards would directly benefit from radio
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architectures based mostly on digital signal processing and digital controllability. However,
the brute force method of implementing a high-resolution bandpass A/D converter at a high
frequency not only imposes very demanding requirements on the dynamic range of the
converter, but usually also results in markedly increased overall power dissipation in the
receiver.

Instead of directly converting a high-frequency bandpass signal into digital form, a
subsampling front-end can be used to simultaneously perform the tasks of frequency
downconversion and sample-and-hold operation prior to A/D conversion at the
downconverted frequency [9]. Since the operation frequency of discrete-time (DT) signal
processing blocks following the front-end sampler is decreased and their bandwidth
constraints are relieved, the use of a subsampling downconverter can lead to decreased
overall power dissipation but still allow the use of mostly discrete-time and digital signal
processing techniques to achieve a high integrability in an advanced CMOS technology. It
has proved difficult, however, to realize the required appropriate bandpass anti-aliasing
filtering and obtain adequate noise performance in high-frequency operation with
conventional straightforward implementations of subsampling circuits [10], which has
prevented their use in demanding wireless applications.

The aim of this thesis is to investigate and implement methods for integrating filtering
into high-frequency signal sampling and subsampling downconversion operation in order
to mitigate the effects of noise and out-of-band signal aliasing and to relieve the
requirements for additional CT anti-aliasing filters prior to the sampler, thereby enabling
its use in highly-integrated high-quality radio receivers. The thesis specifically
concentrates on a sampling technique based on gated integration of the signal current, or
the accumulation of charge samples into a sampling capacitor and on the further processing
of the integrated samples to create various DT filtering functions embedded into the
sampling operation. In addition to internal anti-aliasing filtering, the charge-domain
sampling technique investigated here can also be used for complex and image-rejection
filtering to enable quadrature (I/Q) downconversion by subsampling, and, furthermore,
even for partial channel selection filtering to relieve the requirements for additional
subsequent filters in a radio receiver chain.

1.2 Organization of the thesis

The thesis is organized as follows. The principle of frequency downconversion by
subsampling is presented in Chapter 2, the latter part of which is devoted to discussing
problems related to realizing adequate anti-aliasing filtering and achieving a high dynamic
range with conventional elementary subsampling circuits. Chapter 3 presents the
fundamentals of the charge-domain sampling technique and describes how the technique
can be utilized to implement elementary anti-aliasing and image-rejection filtering
functions embedded into high-frequency signal sampling and subsampling
downconversion operation. The first part of Chapter 4 presents briefly the contents and
contributions of the original publications, and the latter part discusses the performance of
charge-domain sampling circuits in detail and provides some further developments and
clarifications to the ideas described in the original papers. A discussion is given in Chapter
5, and the final conclusions are drawn in Chapter 6.



2 Subsampling circuits

2.1 Frequency downconversion by subsampling

The well-known Nyquist criterion sets the condition for a usable sampling rate for
baseband (i.e. lowpass) signals. The minimum sampling frequency in baseband sampling
is given by fs,min=2fB, where fB is the bandwidth of the baseband signal. The Nyquist
criterion ensures that the spectral images of the sampled signal will not overlap in the
frequency domain. In addition, since the whole frequency axis will be mapped onto the
frequency region [-fs/2, fs/2] in the sampling process, limiting of the input bandwidth of a
lowpass sampler will prevent signals with frequencies higher than the Nyquist frequency
fN=fs/2 from folding on top of the desired baseband signal, causing degradation in the
signal-to-noise ratio (SNR) of the sampled signal. In a practical radio receiver chain, the
input bandwidth of the baseband sampler can be limited by a CT lowpass anti-aliasing filter
that simultaneously acts as a channel selection filter prior to A/D conversion [4]. Due to
operation at low frequencies, the required stopband attenuation is usually relatively easy to
achieve with integrated filters. If necessary, it is possible to sample the signal at a higher
rate than fs,min, i.e. to use some amount of oversampling, to further relieve the stopband
suppression requirement for the lowpass anti-aliasing filter.

In order to profit to a maximal extent from the benefits of digital signal processing, the
received analogue signal should be digitized as early as possible in the receiver
chain. However, transferring the A/D interface directly from the baseband to higher
frequencies, e.g. to a high IF, by following the Nyquist criterion for lowpass signals would
markedly increase the bandwidth and sampling frequency requirements of the A/D
converter. In addition, since the bandwidth of a modulated bandpass signal is usually a
fraction of its center frequency, this approach seems highly inefficient, as it is in principle
advantageous to use a sampling frequency which is only twice the information bandwidth.
Unlike baseband sampling circuits, downconversion circuits based on subsampling take
advantage of the spectral aliasing resulting from violation of the Nyquist condition for
baseband signals. The subsampling downconversion operation of a real-valued band-
limited bandpass signal is illustrated in Fig. 1.
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As with a baseband sampler, the input bandwidth of a subsampler must also be limited
by an anti-aliasing filter. In subsampling, however, a bandpass filter is used to select the
desired signal band around a desired center frequency fc prior to the sampling operation.
The spectrum of the band-limited real-valued bandpass signal is shown in Fig. 1 (b). As a
result of sampling at a rate lower than twice the highest frequency component of the
bandpass input signal, the signal spectrum is downconverted to a new, lower center
frequency f0=fc-kfs and is replicated in the frequency domain at intervals of the subsampling
frequency fs. It is easy to conclude from the idealized spectrum of the subsampled signal
shown in Fig. 1 (c) that, in order to avoid overlapping of the spectral replicas and thereby
degradation of the receiver SNR, the bandwidth of a real-valued bandpass signal must
theoretically be strictly limited to fB≤fs/2. In addition, the center frequency fc of the signal
must be selected so that its lower fL=fc-fB/2 and higher fH=fc+fB/2 band edges reside in
between two adjacent multiples of half of the sampling frequency fs/2. The condition for
the appropriate fs can be formulated mathematically as [11] 

(1)

fs (k+½)fs

fB

-fs-kfs-fc-(k+½)fs kfs fc

f0

f(k+1)fs-(k+1)fs

fs/2 fs 3fs/2 (k+½)fs-fs/2-fs-3fs/2-kfs-fc-(k+½)fs kfs fcf0-f0 f

Fig. 1.  Downconversion of a band-limited real-valued bandpass signal by
subsampling. (a) Subsampler block diagram. (b) Spectrum of the band-limited
bandpass signal. (c) Spectrum of the subsampled signal.
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where k= 1, ..., . The notation  denotes the largest integer ≤x. It should be
emphasized that without the proper bandpass anti-aliasing filtering, any unwanted signal,
including noise and interference, situated at the frequency |kfs±f0|, k=integer, would be
downconverted on top of the wanted signal due to subsampling.

In general, for all modulated bandpass signals excluding simple amplitude modulation,
the generation of quadrature, i.e. real (I) and imaginary (Q), components is required at the
latest in conjunction with downconversion to dc in order to avoid information loss due to
overlapping of the signal’s negative and positive frequency content. In subsampling
downconversion of real-valued bandpass signals, overlapping of the negative and positive
frequency components is avoided by performing downconversion to a new center
frequency near dc and by selecting the sampling frequency appropriately according to (1).
The generation of quadrature components prior to downconversion by subsampling, or
within the subsampling operation itself, enables direct downconversion to dc and
simultaneous ideal extension of the bandwidth of the bandpass signal to be equal to the
subsampling frequency. Direct downconversion of a band-limited bandpass signal to dc by
subsampling is illustrated in Fig. 2.

fH fB⁄ x

fsfs/2 fc=kfs3fs/2-fs-3fs/2 -fs/2-fc=-kfs f

-fc ffc=kfs

fB

-fc ffc=kfsfs-fs

Fig. 2.  Quadrature downconversion of a band-limited real-valued bandpass signal by
subsampling. (a) Subsampler block diagram. (b) Band-limited real-valued bandpass
signal. (c) Complex bandpass signal. (d) Spectrum of the subsampled complex signal.

|Xc(e
j2πfnTs)|

|X(f)| |Xc(f)|
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xI(nTs)

xQ(nTs)
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sBW f≤
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The real-valued band-limited bandpass signal x(t) of Fig. 2 (b) is translated into a
complex bandpass, also known as analytic, signal xc(t) in Fig. 2 (c) by suppressing the
negative (i.e. image band) frequency content of the signal. A perfect attenuation of the
image signal components could ideally be achieved using the Hilbert transform, which
shifts the phase of all input frequency components of the Q branch by -90 degrees [12]. The
impulse response of the ideal Hilbert transform is non-causal, however, and therefore not
physically realizable with practical circuits. In practice, the negative frequencies can be
suppressed by some form of complex filtering, such as CT complex bandpass filters [13].
Since integrated complex bandpass filters passing only the positive portion of the desired
signal are difficult to implement at the high input frequencies involved in subsampling,
complex bandstop filters that merely reject the image band frequencies realized with a
simple passive RC-CR network [14], or with asymmetric polyphase networks [15], are
usually preferred.

After image rejection, the complex bandpass signal can be directly quadrature
downconverted to dc by selecting the kth multiple of the subsampling frequency be equal
to the center frequency of the signal, i.e., kfs=fc. The spectrum of the subsampled complex
signal is shown in Fig. 2 (d), inspection of which reveals that when direct downconversion
to dc by subsampling is employed, the bandwidth of the complex bandpass signal can
ideally be equal to the subsampling frequency without any overlapping of the sampled
signal spectral replicas. In practice, however, the achievable rejection of the image signal
band, or image rejection ratio (IMR), is limited by the constraints of the physical quadrature
generation method, and also circuit mismatches. The finite IMR results in aliasing of the
attenuated image band signal on top of the desired signal, resulting in degradation in the
output SNR.

The negative frequency content of the real-valued bandpass signal can also be rejected
within the subsampling operation itself. In quadrature generation methods based on the
second-order sampling principle [16],[17],[18], the I channel samples are taken at time
instants nTs at a sampling rate fs=1/Τs. As in the subsampling of a complex bandpass signal,
shown in Fig. 2, fs determines the spectral location of the sampled signal and can be chosen
appropriately in order to achieve downconversion by subsampling. The Q channel samples
are acquired at the same sampling rate fs, but with a delay ΔΤ in relation to the I channel
samples at time instants nTs-ΔT. When ΔT fulfils the condition [18]

, (2)

the sampled I and Q channel components of the bandpass input signal with a center
frequency fc have the same amplitude and a phase difference of 90 degrees at fc, hence
ideally yielding the perfect Hilbert transform for the signal component at fc. For input
frequencies other than fc, the phase difference of the sampled I and Q components deviates
from the desired 90 degrees, resulting in finite rejection of the image signal. The effects of
an imperfect Hilbert transform in second-order sampling can minimized if the signal
bandwidth is relatively small compared with fc [17]. It is worth noticing that in principle,
since the phase error arising from the constant ΔT between the quadrature channel samples
is known in advance, it is also possible to perform compensating phase-shifting filtering in

ΔT
2k 1±

4fc
--------------- k, 0 1 2 3 …, , , ,= =
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the digital domain to minimize its effects [19]. However, due to timing mismatches in
analogue sampler implementations, ΔT can be different from the desired value, hence
resulting in an unknown phase error and degradation of IMR.

It should be noted that delaying the acquisition of the Q channel samples in second-order
sampling can be thought of as an elementary DT complex filtering operation embedded into
the sampling process. The ideal built-in complex filtering function of the second-order
sampler can be described with the transfer function

 (3)

which has a single notch over the image band at -fc, as illustrated by the magnitude response
in Fig. 3. Hence, when used for subsampling, the whole second-order sampling process can
be described as a combination of two sequential signal processing operations: elementary
image-rejecting complex filtering due to the time delay between the two quadrature
channel samples, and quadrature downconversion of the filtered signal by subsampling.

2.2 Problems of subsampling

Whereas in baseband sampling the realization of appropriate anti-aliasing filtering is
relatively straightforward and easily achieved with integrated lowpass filters, the
achievement of adequate bandpass anti-aliasing filtering in subsampling can result in a
need for expensive off-chip filters. In addition to attenuating strong interfering signals near
unwanted multiples of the subsampling frequency, the bandpass anti-aliasing filter also has
to suppress the wideband noise present at the input of the sampler before the subsampling
operation causes it to fold on the Nyquist band of the sampling frequency. To obtain a
deeper insight into the problem of achieving adequate noise performance in subsampling,
let us consider the noise figure of the simple voltage-domain subsampler described in Fig.
4 (a).

Ideally the input bandwidth the simple subsampler would be limited by a steep bandpass

Hc f( ) 1 j e
j2π fΔT–⋅+=

Fig. 3.  Ideal magnitude response of a simple second-order sampling circuit.
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anti-aliasing filter passing only the desired bandpass signal spectrum of bandwidth fB. In
practice, the realization of such a filter at RF would require a very high filter quality factor
(fc/fB) of the order of several thousands, which is not realizable with integrated components.
In addition, to enable downconversion of multiple channels with different center
frequencies by changing the subsampling frequency, the narrowband anti-aliasing filter
bandwidth would have to be tunable. Hence, a practical bandpass anti-aliasing filter can
merely be used to select the receive (RX) band of the input signal at RF.

Provided that the impedance Zo seen towards the output of the bandpass anti-aliasing
filter is small compared with the on-resistance Ron of the sampling switch, and the on-time
of the sampling switch is long compared with the time constant RonCs of the sampling loop
[20], the rms noise power at the output of the sampler of Fig. 4 (a) can be approximated with

(4)

where Bneq is the noise bandwidth of the front-end filter and Nin=V2
n,in(f) represents the

wideband noise at the input of the sampler, which is assumed for simplicity to have a white
spectral density. The sampled output noise consists of the kT/C noise component
attributable to the thermal noise V2

n,Ron(f)=4kTRon of the sampling switch and the
wideband front-end noise filtered by the anti-aliasing filter. A narrowband bandpass anti-
aliasing filter with Bneq<< would clearly minimize the contribution of the front-end noise to
the output noise of the subsampler.

To consider only the “intrinsic” noise figure of the simple subsampler, let us assume that
no additional anti-aliasing filter is used at the front-end of the sampler. In such a case both
the wideband input noise Nin of the sampler and the thermal noise 4kTRon of the sampling

fs 2fs 3fs 4fs 5fs 6fs ffs/2

Fig. 4.   (a) A simple voltage-domain subsampling circuit. (b) Aliasing of wideband
thermal noise in subsampling.
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switch would be filtered in the sampling process only by the 1st-order lowpass filter formed
by the time constant RonCs of the sampling loop. Aliasing of the filtered wideband noise on
the Nyquist band (0-fs/2) of the sampling frequency fs as a result of subsampling is
illustrated in Fig. 4 (b). On the same assumptions as used for the derivation of (4), the
resulting white noise spectral density at the output of the sampler after subsampling can be
approximated with

(5)

By representing the wideband input noise of the sampler with an equivalent noise resistance
Rneq (i.e., Nin=4kTRneq), the noise spectral density at the output can be simplified to 

(6)

In addition to the input noise, the input signal will also be filtered by the lowpass
response of the sampling loop. Taking into account the input signal attenuation and
neglecting other circuit non-idealities such as parasitic capacitances and the finite state
transition time of the sampling switch, the spot noise figure on a linear scale1) of the simple
voltage-domain sampler for an narrowband input signal with a center frequency fc can be
written as 

(7)

The noise figure for a simple voltage-domain sampler as a function of the sampling
capacitance is presented for subsampling frequencies fs=10 MHz and fs=100 MHz
according to (7) in Fig. 5, where the input signal center frequency is fc=1 GHz, the input
noise spectral density is Nin=0.9 nV/ , corresponding to an equivalent input noise
resistance of Rneq=50 Ω, and the sampling switch resistance is Ron=500 Ω.

It can be seen that the noise figure of the sampler initially decreases as Cs is increased
from the minimum of 10 fF. After Cs≈300 fF, the lowpass response of the sampling loop
starts to attenuate the input signal amplitude more than it suppresses the aliasing wideband
noise, thereby reducing the output SNR and once again resulting in a worse noise figure.
Reducing Ron allows the use of a larger Cs to minimize the output kT/C noise without
limiting the input bandwidth, which will improve the noise figure of the sampler to some
extent. A large sampling switch is needed to achieve a low Ron, however, and this increases
the slew-rate requirements for the sampling clock driver in order to minimize the on/off
state transition time of the switch. In practice, the finite fall time of the sampling clock
signal results in a time-varying Ron, which can significantly limit the bandwidth of a track-

1) In some texts the noise figure on a linear scale is referred to as the noise factor F [21]. The notation
NF is used throughout this thesis rather than F.

Nout f( ) 2
fs
---

kT
Cs
------

1
4RonCs
------------------Nin+⎝ ⎠

⎛ ⎞ .≈

Nout f( ) 2kT
fsC

s

---------- 1
Rneq

Ron
-----------+⎝ ⎠

⎛ ⎞ .=

NF
SNRin

SNRout
------------------

Sin

Nin
--------

Nout

Sout
-----------⋅

Ron R+
neq

2RonRneqCs fs
---------------------------------- 1 2πRonCs fc( )2

+[ ].= = =

Hz



22
and-hold-based voltage-domain sampler [22]. Like the noise figure of the simplified
sampler model presented in Fig. 4, the bandwidth limitation of a practical sampler due to
the finite switch state transition time can result in further degradation of its noise figure,
and may also lead to increased harmonic distortion [23]. It is worth noting that operation at
relatively low frequencies inherently allows the problem of trade-off between the size of Cs
and the achievable sampling bandwidth to be avoided in baseband signal sampling.

The high sensitivity of the noise figure of a simple subsampler to the subsampling
frequency fs is demonstrated in Fig. 5. Doubling fs ideally reduces the spot noise figure of
the sampler by 3 dB, thereby favouring the use of a relatively high fs. In addition, as in
baseband sampling, increasing fs, and thereby increasing the OSR for a given fixed
bandpass signal bandwidth, relieves the requirements for the bandpass anti-aliasing filter
in subsampling. This is illustrated in Fig. 6.

As seen in Fig. 6, for a higher fs the nearest unwanted frequency channels aliasing on top
of the desired signal due to subsampling are pushed further away from the desired bandpass
signal center frequency fc, thereby resulting in relieved transition band requirements for the
bandpass anti-aliasing filter for a given stopband suppression specification. The
straightforward use of a high fs is nevertheless in contradiction with the underlying

10f 100f 1p 10p
25

30

35

40

45

50

55

Sampling capacitance [F]

N
oi

se
 f

ig
ur

e 
[d

B
]

f
s
=10 MHz

f
s
=100 MHz

Fig. 5.  Noise figure of a simple voltage-domain subsampler as a function of sampling
capacitance for different subsampling rates.

Fig. 6.  Bandpass anti-aliasing filtering requirements in subsampling.
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motivation for using a subsampling front-end to lower the operating frequency and power
consumption of the subsequent DT circuit blocks.

Apart from the aliasing wideband noise, the noise performance of a practical high-
frequency sampling circuit is affected by sampling clock timing jitter. The phase noise of
the local oscillator (LO) signal used to generate the sampling clock signals is converted into
timing uncertainty, which causes the actual sampling moment to differ from the desired
one, resulting in an error in the sampled output voltage. This sampling error is converted
into noise in the sampled signal, which, due to the sampling, folds onto the Nyquist band
of the sampler, degrading the output SNR. It has been shown by statistical time-domain
analysis in [24] that the achievable SNR in voltage sampling for a sinusoidal input signal
due to uncorrelated random timing jitter in the sampling clock signal can be expressed as

(8)

where ωin=2πfin is the angular input frequency of the sampler and σt is the standard
deviation of the normally (Gaussian) distributed timing jitter. For low input frequencies and
small σt values, (8) can be approximated with SNRσt≈20log(1/(2πfinσt)), an expression also
given in [25] as a result of a simpler time-domain analysis. The obtainable SNR due to
timing jitter is hence approximately inversely proportional to the input signal frequency,
and therefore limits the achievable dynamic range, especially in high-frequency signal
sampling. As a practical example, for sampling a 1-GHz signal with 12-bit accuracy
(SNRσt≈74 dB), an rms timing jitter of less than σt≈32 fs is required.

Frequency-domain analysis of the effects of random timing jitter on sampling reveals
that the sampled output noise caused by sampling clock timing jitter due to practical LO
signal phase noise does not necessarily have a white spectral density, but can be
concentrated around strong signal tones. In sampling a sinusoidal signal
Vin(t)=Asin(2πfint), an approximate expression for the power spectral density of the
sampling error Vε(nTs)=|Vin(nTs)-Vin(nTs+δn)| due to timing jitter can be written as [26]

(9)

where Sφ(f) is the power spectral density of the phase noise of the LO signal used to
generate the sampling clock signal. Eq. (9) indicates that the phase noise of the sampling
clock is translated into a sampling error, which is multiplied by the square of the input
signal frequency. Since the power spectral density of the phase noise of the sampling clock
is Sclk(f)≈(2πfs)

2Sφ(f-fs), where fs is the sampling frequency, the ratio of the power of the
sampling error to the power of the clock jitter is (fin/fs)

2, and hence the phase noise of the
sampling clock is effectively multiplied by (fin/fs)

2 in the sampling process [27].
Multiplication of the phase noise is therefore especially problematic in subsampling, since
in principle a large subsampling ratio fin/fs is desired. As with CT downconversion mixers,
the spectral concentration of the noise resulting from the sampling clock timing jitter means
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that low LO signal close-in phase noise is required in subsampling circuits to minimize the
dynamic range degradation due to reciprocal mixing [26].

In addition to noise problems, the achieving of a high dynamic range in subsampling
downconversion is complicated by non-linear effects inherently related to high-frequency
signal sampling. In simple voltage-sampling circuits using single NMOS (or PMOS)
transistor switches, 3rd-order intermodulation distortion due to non-linearity of the on-
resistance of the sampling switch is shown to be directly proportional to the input signal
frequency [23]. Advanced switching arrangements, such as CMOS transmission gates or
bootstrapped MOS switches [28],[29], can be used to reduce the non-linear signal
dependence in baseband sampling, but may have limited capability when operating at high
frequencies [30]. The output of elementary voltage-domain sampling circuits is also
corrupted by non-linearities caused by charge injection errors [31] and clock-feedthrough
effects [32]. As a result of the deficiencies in elementary voltage-domain subsampling
downconverters, measured noise figures as high as 39 dB [10] have been reported, which
has prevented their use in high quality radio receiver applications.



3 Charge-domain sampling circuits

Sampling circuits used as front-ends of DT signal processing blocks, such as switched-
capacitor (SC) filters or DT A/D converters, have conventionally been based on the direct
sampling of voltage signals. However, as discussed in Chapter 2, the filtering properties of
elementary voltage-sampling circuits are inefficient, usually resulting in a high noise figure
and in a need for highly selective additional anti-aliasing filters when used for subsampling
downconversion of high-frequency signals. Recently, circuits based on the integrative
sampling of current signals, often referred to as charge-domain sampling circuits
[33],[34],[35], have gained interest for use as high-frequency front-ends of DT signal
processing blocks, due to their inherent simplicity of combining both continuous and
discrete-time filtering functions into high-frequency sampling. This chapter presents the
basics of the charge-domain sampling technique and discusses the filtering properties of
high-frequency samplers based on it.

3.1 Integrative charge-domain sampling

The operating principle of an elementary active integrator based integrating charge-domain
sampling circuit is described in Fig. 7 (a). Note that a realization based on a passive
integrator (i.e. a mere capacitor) is also possible. The input voltage Vin of the sampler is
transformed to a corresponding current in a transconductance (Gm) cell with a
transconductance gain Gm. The output current of the transconductor is integrated into a
feedback connected sampling capacitor Cs for a determinate period of length Ti controlled
by the clock signal pint. After the current integration period, the settled opamp output
voltage is read out (clock phase pout) at a rate fs=1/Ts and the sampling capacitor is
discharged (clock phase preset) prior to integration of a new sample. Neglecting any circuit
non-idealities and assuming that the active integrator unit performs perfect integration of
the input current, the ideal time-domain output voltage of the charge-domain sampler at the
nth sampling moment can be written as
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(10)

Eq. (10) can be interpreted as a time-domain convolution of the sampling clock pulse and
the input current signal Iin(t)=GmVin(t).

The elementary charge-domain sampling process can be represented by two subsequent
signal processing operations as shown in Fig. 7 (b): CT filtering due to integration of the
signal current within a time window, followed by output voltage sampling at a rate fs=1/Ts.
The response of the simple charge-domain sampler for a sinusoidal input signal
Vin(t)=cos(2πft) can be calculated in the time domain by evaluating the integral in (10)

Vout t nTs=( ) 1
Cs
------ Iin τ( ) τd

nTs Ti–

nTs

∫⋅
Gm

Cs
-------- Vin τ( ) τ.d

nTs Ti–

nTs

∫⋅= =

Fig. 7.  (a) An integrating charge-domain sampling circuit. (b) Conceptual block
diagram. (c) Gain-normalized magnitude responses of elementary voltage-domain
and integrating charge-domain sampling circuits.
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which yields

(11)

where the amplitude A(f) of the output signal as a function of input signal frequency, i.e.,
the ideal magnitude response of the sampler, can be expressed as

(12)

and the ideal phase response of the sampler can be written as 

(13)

Note that the phase response of the elementary integrating charge-domain sampler is
ideally linear and can be simplified in the frequency range [0, 1/(2Ti)] to

(14)

The gain-normalized sin(x)/x-(sinc-)type lowpass magnitude response of the integrating
charge-domain sampler, according to (12), is depicted in Fig. 7 (c). For comparison, the
amplitude response of a simple voltage-domain sampler with an equal 3-dB bandwidth
limitation due to the RC time constant of the sampling switch resistance and sampling
capacitance is also shown in the figure. As indicated in Fig. 7 (c), the gated integration of
the current produces zeros over multiples of the inverse of the integration period length
1/Ti. The ideal 3-dB bandwidth of the elementary charge-domain sampler is approximately
f3dB≈0.44/Ti, while the voltage gain at dc is GmTi/Cs. As with the RC lowpass response, the
sidelobes of the sinc response fall off at a rate of 20 dB/decade, the attenuation near the first
sidelobe being around 13 dB. It can be seen, however, that with equal 3-dB bandwidths, the
lowpass sinc response ideally attenuates the high-frequency components more than the
simple RC lowpass filtering response, and therefore provides an improved anti-aliasing
filtering response embedded into the sampling operation. It should be noted that, provided
that the front-end Gm cell is not limiting the input bandwidth, the 3-dB bandwidth of the
integrating charge-domain sampler is ideally determined only by Ti and not by the circuit
parameters of the sampler realization, thereby providing a great degree of freedom in
selection of the sampling capacitance without limiting the bandwidth of the sampler. 

The integration period length Ti and the output sampling period Ts of the integrating
charge-domain sampler are in principle two distinct parameters; the input bandwidth is set
by Ti, whereas the spectral location and Nyquist bandwidth of the sampled signal are
determined by Ts. An optimal narrowband built-in anti-aliasing filtering effect for sampling
of baseband signals is achieved by selecting Ti =Ts, which places the notches of the lowpass
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sinc response on top of the multiples of fs, thereby significantly suppressing the undesirable
signal components aliasing near dc in the sampling process. In addition to the integration
period, a straightforward practical implementation of an elementary charge-domain
sampler nevertheless also requires an output read-out, a sampling capacitor discharge and
possibly an additional opamp settling period for the active integrator based
implementation, which places a constraint on the minimum Ts, and thereby on the
maximum output sampling rate fs =1/Ts, in relation to Ti. For example, reserving equal time
slots for integration, output read-out and resetting would result in an output sampling period
of Ts=3Ti. The output sampling frequency of the charge-domain sampler can be increased
without sacrificing integration period length by means of the time-interleaved sampling
operation illustrated in Fig. 8.

In time-interleaved charge-sampling operation one integrator (i.e. a sampling capacitor
in Fig. 8) is engaged in integrating the input current while the other one is being read out
and reset. The example sampling arrangement of Fig. 8 allows one integration period to
transfer the integrated charge to the subsequent stage and to discharge the integration
capacitor. The resulting output sampling period of the sampler is Ts=Ti, thereby yielding the
optimal placement of the sinc response zeros for built-in anti-aliasing filtering in baseband
sampling. If longer time slots for output read-out and resetting are required, more than two
integrator units can be used in the time-interleaved charge-sampling operation [33]. As a
drawback, the straightforward implementation of time-interleaved sampler is sensitive to
both timing and amplitude/phase mismatches between the parallel time-interleaved signal
paths, which may give rise to spurious frequency components [36]. Unlike time-interleaved
voltage-domain samplers, however, the problem of sampling capacitor mismatch can be
mitigated in time-interleaved charge-domain sampling by selecting relatively large
integration capacitors without limiting the bandwidth of the sampler. Moreover, the
transferring of the sampler’s time-interleaved output signals as charges to a subsequent DT
signal processing stage allows a further reduction in the spurs due to mismatches in
absolute capacitor values, since the integration capacitors are merely used as temporary

Fig. 8.   Principle of time-interleaved integrating charge-sampling operation.
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charge storage elements in the time-interleaved sampler stage.

3.2 Charge-domain sampling with embedded FIR filtering

Integrative current sampling within a time window inherently produces a bandwidth-
limiting CT sinc-type frequency response for charge-sampling circuits. The frequency
response of the elementary integrating charge-domain sampler is not, however, very useful
for embedded anti-aliasing filtering in the sampling of high-frequency bandpass signals due
to its lowpass nature. The integrative charge-sampling principle can be straightforwardly
extended to general, including bandpass-type, DT finite-impulse-response (FIR) filtering.
The operation principle of a general charge-domain sampling circuit with a built-in DT FIR
filtering function is illustrated in Fig. 9.

Instead of integrating only one sample, several successive current samples are integrated
into the sampling capacitor of the integrator stage during the output sampling period Ts in
the charge-domain FIR sampling operation. Like an elementary integrating charge-domain
sampler, the integrator can be implemented either as a simple capacitor or as a closed-loop
active integrator stage. The integrated current samples are each weighted within the
integration time window of length Ti by multiplying the signal current by a determinate
coefficient hk, where k=0,...,N-1 refers to the kth integrated sample. The time delay between
adjacent integrated current samples is Tf. After the integration of N weighted current
samples, and a possible opamp settling period for an active integrator based sampler, the
output voltage of the sampler is held and read out by a subsequent DT circuit stage at the
final output sampling rate fs=1/Ts. The sampling capacitor of the integrator unit is
discharged prior to a new sampling cycle.

Neglecting circuit non-idealities and assuming that the integrator unit performs perfect
integration of the current samples, the ideal time-domain output voltage of the general
charge-domain FIR sampler at the nth output sampling moment can be written as

Fig. 9.  Operation principle of a general charge-domain sampler with an embedded
FIR filtering function. 
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(15)

Eq. (15) demonstrates that the output voltage of the charge-domain FIR sampler is the
weighted sum of the N individual time-delayed integrated current samples. Note that in the
sampler of Fig. 9 the integrated current samples are weighted with discrete multiplier
values at discrete time instants. The input current can in principle also be weighted with a
continuous-time weighting function by multiplying it by a CT multiplier and integrating the
product over the output sampling period [37]. Practical realization of discrete multiplier
values is usually more straightforward, however, and enables simpler digital controllability
of the FIR tap coefficients. 

The ideal transfer function of the general charge-domain FIR sampler can be derived as

(16)

Two distinct filtering responses can be recognized in the above transfer function: the first
part denotes the lowpass sinc response due to the gated integration of the current, whereas
the latter part describes the DT FIR filtering response resulting from the summation of the
N weighted, time-delayed current samples. It is easy to see that since the FIR filtering
response of the sampler is determined only by the number of integrated samples N and their
corresponding integration weights hk, the general charge-domain FIR sampler can in
principle be designed to realize an arbitrary FIR filtering function of any type (i.e. lowpass,
highpass, real-valued or complex-valued bandpass) embedded into the sampling operation.
The complexity and accuracy of the sampler’s FIR filtering response is determined only by
the tap coefficient resolution of the current multiplier unit and by the non-idealities of the
physical circuit implementation. Since the lowpass sinc function has a linear phase
response, the whole transfer function of the charge-domain FIR sampler can be designed to
have a constant group delay response by conventional linear-phase FIR filter design
methods. It is worth noting that the integration time Ti for one current sample does not
necessarily have to be equal to the sampling period Tf=1/fs,FIR of the FIR filter, and thus the
properties of both of the sampler’s filtering functions can be controlled separately. A
straightforward practical implementation of the general sampler shown in Fig. 9
nevertheless requires that Ti ≤Tf.

The output of the charge-domain FIR sampler of Fig. 9 can be read out only after the
charge accumulation period of N samples is completed, resulting in a minimum output
sampling period of Ts=NTf. Also, for a brute force physical implementation of the FIR
sampler of Fig. 9, a sampling capacitor reset period and a possible opamp settling period
will be required in an active integrator based realization, which will further increase the
output sampling period of the sampler. The location and Nyquist bandwidth of the sampled

( 1)

0 1 1
( 1)

1

0

1
( ) ( ) ( ) ... ( )

( ) .

s f s fs

s i s f i s f i

s f

s f i

nT T nT N TnT

out s in in N in
s nT T nT T T nT N T T

nT kTN
m

k in
s k nT kT T

V nT h I d h I d h I d
C

G
h V d

C

τ τ τ τ τ τ

τ τ

− − −

−
− − − − − −

−−

= − −

⎡ ⎤
⎢ ⎥= ⋅ + + +
⎢ ⎥
⎢ ⎥⎣ ⎦

= ⋅ ⋅

∫ ∫ ∫

∑ ∫

Htot f( )
Vout f( )
Vin f( )-----------------

Gm

Cs
--------= = 1 e

j2πfTi–
–

j2πf
--------------------------- hk z-k

z e
j2π fTf=

.
k 0=

N-1

∑⋅ ⋅



31
output signal spectrum is fully determined by the output read-out rate fs. If the FIR sampler
is used for sampling baseband signals, fs has to fulfil the Nyquist criterion for lowpass
signals in order to avoid destructive aliasing (i.e. fs≥2fB). When used for bandpass
sampling, the integration of several current samples over a longer output sampling period
naturally leads from the bandpass input signal point of view to subsampling, and thereby
downconversion. The center frequency of the bandpass input signal has to be chosen
properly in relation to fs in order to avoid unwanted aliasing of spectral images in the
sampled signal (i.e., according to (1) for real-valued bandpass signals). As with the
integrating charge-domain sampler, the time-interleaved sampling operation can be used
with a charge-domain FIR sampler to reserve more time for output read out and resetting
without increasing the output sampling period Ts. It should be noted that in some cases the
integrator reset phase can be omitted by using SC techniques to add a “leaky integrator”-
type infinite-impulse-response (IIR) filtering operation to the charge-sampling process (see
Paper VI, [35]). Furthermore, it is also possible to use time-interleaved and pipelined
sampling operation, as described in [38] and in Paper VII, to increase the output read-out
rate fs of the FIR sampler for a given FIR filter tap count N. 

3.3 Elementary charge-domain FIR sampler configurations

The notches of the CT lowpass sinc response of the elementary integrating charge-domain
sampler can be utilized to achieve an efficient narrowband anti-aliasing filtering effect in
baseband sampling. On account of their simple implementation and effective anti-aliasing
filtering capability, FIR filters with DT sinc-type frequency responses are commonly used
for anti-aliasing filtering in sampling rate reduction by decimation, e.g. in ΔΣ A/D
conversion [39]. A DT N-tap lowpass 1st-order sinc-type FIR filtering function, also known
as the time-domain moving average filtering operation, can be implemented with the
charge-domain sampling technique simply by integrating N successive unity-weighted (i.e.
hk=1, k=0,...,N-1) current samples into a sampling capacitor during the output sampling
period of the sampler. A timing diagram and simplified schematic diagram for a passive
integrator based charge-domain sampler with the simplest realizable embedded FIR
function are shown in Fig. 10 (a). The integration period length of the sampler is Ti=Tf/2,
and the DT transfer function its FIR function can be written as

(17)

An example gain-normalized amplitude response of a charge-domain sampler with the
elementary lowpass FIR response and N=8 is plotted in Fig. 11 (a). Multiple integration of
the current ideally results in a passband (dc) gain of GmNTi/Cs. The DT sinc response of the
sampler has N-1 equally-spaced transmission zeros at multiples of the frequency fs,FIR/N in
the frequency region [0, fs,FIR]. Hence, an optimal narrowband built-in anti-aliasing
filtering effect can be achieved by reading out the output of the FIR sampler at a rate
fs=fs,FIR/N, which places the zeros of the DT sinc response on top of the unwanted multiples
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of fs. Note that practical brute force realization of such a sampler necessitates the use of a
time-interleaved sampling operation to allow sufficient time for output read-out and
sampling capacitor discharging. Like conventional DT filters, the passband of the charge-
domain sampler’s embedded FIR filter is repeated at intervals of its sampling frequency
fs,FIR. The lowpass sinc response arising from the gated integration of the current
nevertheless produces zeros at multiples of the frequency 1/Ti, which attenuate the nearest
unwanted passband of the FIR response at fs,FIR by more than 4 dB and ideally fully

Fig. 10.  Elementary charge-domain FIR sampler configurations. (a) Single-ended
lowpass sampler. (b) Pseudo-differential real-valued bandpass sampler. (c) Fully-
differential complex-valued bandpass sampler.
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suppress the repeated passband at 2fs,FIR, thereby also relieving the requirements for an
additional CT anti-aliasing filter prior to the sampler.

To achieve efficient built-in anti-aliasing filtering in subsampling, a bandpass-type FIR
filtering response would be preferable. In general, a lowpass-type FIR response can be
transformed into a real-valued bandpass-type FIR response with a center frequency of fc by
multiplying the impulse response of the equivalent lowpass filter by cos(2πfcnTf) [40]. To

Fig. 11.  Elementary charge-domain FIR sampler amplitude responses. (a) Lowpass
sampler. (b) Real-valued bandpass sampler. (c) Complex-valued bandpass sampler.
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simplify the circuit-level implementation of a charge-domain sampler with an embedded
bandpass-type FIR function, it is convenient to choose Tf=1/fs,FIR=1/(2fc), which for the
elementary moving average filtering operation results in an impulse response consisting of
a repeating sequence of FIR tap coefficients {+1, -1}. A pseudo-differential charge-domain
sampler implementing the DT real-valued bandpass sinc-type FIR response with a center
frequency fc=fs,FIR/2 is presented in Fig. 10 (b). The FIR filter sampling period Tf of the
sampler is equal to the integration period length Ti. The negative FIR filtering coefficients
are realized by integrating every second current sample into the sampling capacitor of the
negative signal branch during the clock phase pintn. The output signal of the pseudo-
differential sampler is read out as the difference between the output voltages of the positive
and negative signal branches. 

The gain-normalized amplitude response of the bandpass FIR sampler with N=8 is
shown in Fig. 11 (b). The ideal passband gain of the sampler at fc is 2GmNTi/(πCs). The
nearest repeated unwanted passband of the FIR filtering response at 3fs,FIR/2 is ideally
attenuated by around 10 dB by the CT lowpass sinc response. Like the lowpass sinc-type
FIR sampler, the bandpass FIR sampler provides an optimal embedded anti-aliasing
filtering effect for a bandpass signal situated near fc if the output read-out rate of the sampler
is set at fs=fs,FIR/N. Note that the selection of such an fs inherently results in a subsampling
downconversion operation from the bandpass input signal point of view. As with
conventional real-valued bandpass sampling, the spectral location of the downconverted
output signal of the charge-domain bandpass sampler is fully determined by the center
frequency of the bandpass input signal and the fs.

It is easy to observe that the elementary pseudo-differential bandpass charge-domain
FIR sampler implementation is relatively similar to a CT single-balanced multiplying
mixer [21], especially if the sampling switches are biased with a constant dc bias current
(see Paper VI). The actual signal downconversion operation in the charge-domain FIR
sampler is nevertheless based on output sampling at a rate lower than twice the highest
frequency component of the bandpass input signal, rather than on multiplication by an LO
signal. Furthermore, the embedded FIR filtering operation of the sampler is not restricted
only to the elementary sinc function, and hence the selectivity of the downconverter can be
increased by employing more complex FIR filtering coefficients (i.e. multiplier values) in
the sampling process.

In real-valued bandpass sampling the signal bandwidth and the location of the input
signal spectrum are strictly constrained by the subsampling frequency. Rejection of the
image signal band prior to the actual subsampling operation enables quadrature
downconversion directly to dc or to a low IF, and simultaneously an ideal doubling of the
signal bandwidth (or equivalently a doubling of the bandwidth of an additional anti-aliasing
filter) for a given subsampling frequency. The FIR filtering operation in the charge-domain
sampler can be employed directly to implement an image-rejecting complex bandpass
frequency response embedded into the sampling process. The simplest realizable built-in
complex bandpass FIR response can be obtained by transforming the lowpass DT 1st-order
sinc response to a center frequency fc=1/(4Tf) by multiplying the impulse response of the
lowpass filter by ejnπ/2, which results in a repeating sequence of complex FIR coefficients
{+1, +j, -1, -j}, or correspondingly {+1, 0, -1, 0} for the real channel coefficients and
{0, +1, 0, -1} for the imaginary channel coefficients.

A fully-differential passive integrator based implementation of an elementary complex
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charge-domain FIR sampler is illustrated in Fig. 10 (c). The complex sinc-type FIR
response is implemented for the real-valued bandpass input signal by integrating the input
current samples alternately into the real and imaginary channel sampling capacitors, which
inherently results in an FIR tap coefficient value of ‘0’ for every other integrated sample in
both quadrature channels. In the fully-differential realization the sign inversion of the
integrated samples is conveniently implemented by cross-coupling the positive and
negative signal paths with a pair of additional switches during the clock phases pren and
pimn. Note that a pseudo-differential complex sampler realization is also possible (Paper
VI), but it may suffer from worse common-mode signal rejection and second-order
distortion than the fully-differential implementation.

The gain-normalized amplitude response of the complex bandpass FIR sampler with
N=8 is shown in Fig. 11 (c). The ideal passband voltage gain at fc is 2 GmNTi/(πCs). In
addition to providing built-in anti-aliasing filtering for an output read-out rate fs=fs,FIR/N,
the elementary complex FIR filtering function has a single notch at -fc suppressing the
negative (image band) frequencies prior to the actual subsampling downconversion
operation at the output of the sampler. The achievable ideal image rejection (IMR) for the
elementary complex FIR sampler around fc can be calculated as 

. (18)

As with the 2nd-order sampler described in Section 2.1, the theoretically achievable
image rejection of the elementary charge-domain sampler without circuit nonidealities is
infinite only at fc. It can be calculated from (18) that for a signal bandwidth of 2.54 % of fc,
the ideally achievable IMR is more than 40 dB, which is adequate for most wireless
applications when direct downconversion to dc is employed [41]. It is worth noting that the
obtainable IMR of the sinc-type complex sampler is ideally independent of the FIR tap
count N.

An output read-out rate fs=fs,FIR/N results in an optimal embedded anti-aliasing filtering
effect for elementary charge-domain FIR sampler configurations with an N-tap 1st-order
sinc-type FIR response. Selection of the optimal FIR filter tap count N, and thereby the
optimal fs, comprises several trade-offs and must be decided upon according to the
requirements of the specific application of the sampler. Increasing N results in a larger
subsampling ratio, thereby reducing the output read-out rate of the sampler and the
operating frequency of the discrete-time signal processing blocks following it, which is
beneficial for minimizing their power consumption. Furthermore, the use of a larger N
increases the selectivity of the sampler’s FIR filter and has an averaging effect on both the
aliasing wideband noise of the front-end (Paper I)1) and on the noise resulting from
uncorrelated timing jitter in the sampling clock signals (Paper III). However, as illustrated
in Fig. 12, any increase in N will simultaneously increase the number of unwanted
frequency channels aliasing to dc and reduce the bandwidth in which a certain anti-aliasing

1) The noise performance is discussed in detail in Section 4.2.2.
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attenuation is obtained. In addition, utilizing a smaller N and hence a higher fs enables the
use of a more broadband additional anti-aliasing filter, as may be required in front of the
sampler in order to further attenuate the undesirable aliases.

The ideal minimum anti-aliasing suppression provided by the notches closest to the
center frequency of the DT 1st-order sinc response (i.e. f=fc±fs,FIR/N) is shown as a function
of N for different fixed signal bandwidths in Fig. 13, where the signal bandwidth fB is
normalized in relation to the sampling frequency of the sampler’s FIR filter fs,FIR. For
example, if fs,FIR=200 MHz, an OSR of 1000 is equivalent to a signal bandwidth of fB=200
kHz. It can be concluded from Fig. 13 that the achievable minimum anti-aliasing
attenuation decreases approximately inversely proportionally to N. Also, doubling fB for a
fixed fs,FIR reduces the minimum obtainable attenuation by 6 dB. The figure also indicates
that a relatively large OSR is necessary to achieve adequate built-in anti-aliasing
suppression with the elementary 1st-order sinc function. Moreover, as discussed in Section
4.2.1 of this thesis, the achievable built-in anti-aliasing attenuation of a practical sampler
realization is further limited by circuit non-idealities. Note that in a practical radio receiver,
the undesirable aliasing channels may contain interferers that are more than 60 dB stronger
than the desired signal channel [41]. 

The trade-offs related to the selection of N in the elementary charge-domain FIR sampler
can be alleviated by improving the selectivity of its FIR filtering response at the cost of
increased circuit complexity, area and power consumption. A brute force method is to
increase the tap count of the sampler with an elementary 1st-order sinc function for a fixed
output sampling rate by having more than one simultaneously integrating parallel sampling
stages, each producing a moving average of N current samples in a pipelined and time-
interleaved operation, which is described in Paper VII. In principle, doubling the number
of parallel sampling stages operating in a pipelined and time-interleaved manner allows
doubling N for a fixed output sampling rate, thereby resulting in increased selectivity and
embedded anti-aliasing suppression. Another possibility is to integrate a more selective
FIR filtering function into the charge-domain sampling process by the methods presented
in Papers II and VII, for example. An attractive class of filters with improved anti-aliasing
filtering capability are higher-order sinc-type FIR filters, which have more than one
transmission zero placed on top of the unwanted aliasing frequency channels [39]. It can be

Fig. 12.  Amplitude responses of the bandpass sinc-type FIR sampler for different FIR
filter tap counts N.
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shown that for an Mth-order sinc-type FIR response with M coincident transmission zeros,
the achievable minimum anti-aliasing attenuation (in decibels) is M times the attenuation
obtainable with the 1st-order sinc function.
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Fig. 13.  Achievable minimum ideal anti-aliasing suppression of a charge-domain
sampler with an embedded 1st-order sinc-type FIR response.



4 Contributions

The first part of this chapter provides a short overview of the contents of the original
publications included in this thesis, and the latter part details and gives a deeper insight into
the analytical results presented in the publications and clarifies and introduces some further
developments in the ideas presented in them.

4.1 Publications

Paper I describes the operating principle and presents a simplified noise analysis of a
charge-domain bandpass sampler with an elementary built-in 1st-order sinc-type FIR
filtering function. The paper concentrates on analysing the effects of aliasing wideband
input noise on the output SNR of the sampler. Analytical expressions for the output noise
and noise figure of the elementary charge-domain FIR sampler caused by aliasing front-end
noise are derived in the paper, and the results of the analysis are validated with high-level
Matlab simulations and compared with measurements made on the test circuit presented in
[42]. The results of the simplified noise analysis indicate that the resulting output SNR due
to broadband input noise can ideally be improved by 3 dB by doubling the number of
filtering taps in the sampler’s embedded FIR filtering function, and that the noise figure of
the sampler attributable to the aliasing input noise is not affected by the sampling
capacitance. However, since the simplified noise analysis presented in the paper neglects
some of the significant contributors to the total output noise of the sampler, a more thorough
noise analysis is given in Section 4.2.2 of this thesis.

Paper II focuses on increasing the selectivity of charge-domain sampling circuits in
order to alleviate the requirements for additional filters when used in a radio receiver chain.
The paper introduces a method for increasing the passband selectivity of the FIR filtering
function integrated into the operation of a charge-domain sampler. The proposed method is
based on quantizing the impulse response of a selective target FIR filtering function with
arbitrary fractional number tap coefficients to FIR filter taps from a set of spesific
quantization levels {+1, -1, 0} by means of ΔΣ modulation [43]. The quantized FIR tap
coefficients are further employed in the charge-domain sampler with an embedded FIR
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filtering function. The simple FIR filter tap coefficients ‘+1’, ‘-1’, and ‘0’ can be
implemented in an elementary fully-differential charge-domain FIR sampler circuit simply
by diverting the signal current directly into the integrator, by cross-coupling the positive
and negative branch signal currents, or by dumping the signal current into the ground,
respectively, which allows simple implementation of any quantized FIR impulse response
with the given quantization levels merely by modifying the clock control circuitry of the
elementary charge-domain sampler. However, due to the nature of the ΔΣ quantization, the
resulting magnitude response of the sampler’s FIR function only follows the target FIR
response around the filter passband, while the stopband suppression usually deteriorates
severely with a few given quantization levels. To improve the stopband attenuation, the
paper proposes a method for integrating an additional post-filtering FIR response into the
operation of the sampler by summing several time-delayed, weighted current sample
sequences at the back-end active integrator stage of the sampler. 

Paper III studies the effects of sampling clock timing jitter in charge-domain sampling
circuits. Based on a statistical time-domain analysis similar to that presented in [24] for
voltage-sampling circuits, an analytical expression for output SNR due to uncorrelated
normally-distributed (Gaussian) timing jitter (SNRjitter) for an elementary integrating
charge-sampling circuit, and an approximate formula for the SNRjitter for a charge-domain
sampler with an embedded 1st-order sinc-type FIR filtering function are given. The analysis
shows that ideally a 3-dB improvement in SNRjitter compared with simple voltage-domain
bandpass sampling can be obtained in a usable input frequency range by using the
elementary integrating charge-domain sampling method for bandpass sampling, provided
that the length of the integration period is chosen properly. The timing jitter analysis for the
elementary bandpass charge-domain FIR sampler reveals that nearly a 3-dB improvement
in SNRjitter due to uncorrelated timing jitter can be obtained by doubling the number of
filtering taps in the sampler’s embedded FIR filtering function. The theoretical results of
the analysis are validated in the paper by numerical Matlab simulations.

Paper IV concentrates on circuit-level implementation of charge-domain sampling
circuits for obtaining high dynamic range in IF sampling. It presents the construction,
linearity analysis, and circuit-level simulation results of a high-frequency, highly linear Gm
cell topology suitable for use as a front-end in high-performance charge-domain IF
samplers. A transconductance element based on the topology investigated is used in the
circuit implementation of the CMOS charge-domain IF sampler described in Paper V. The
proposed Gm cell is based on a regulated cascode circuit (RGC) structure and uses a passive
input resistance as the current forming element. The use of negative feedback in the RGC-
based Gm element results in high linearity and high output impedance, but limits the
maximum operating frequency of the cell. The frequency domain Volterra series linearity
analysis performed in the paper indicates that to achieve high linearity at high frequencies,
it is beneficial to minimize the gate-source capacitance of the common gate-connected
transistor in the transconductor’s internal negative feedback loop, and to use a sufficiently
high feedback gain in the regulating feedback amplifier. Based on the linearity analysis, a
pseudo-differential Gm stage optimized for an operating frequency 50 MHz is designed in
a 0.35-μm CMOS process and simulated at the transistor level. The simulation results,
which are in good agreement with the linearity analysis, show a 3rd-order intermodulation
distortion (IM3) level of 89 dBc at 50 MHz for a 0.9-Vp-p input signal, thereby
demonstrating the usability of the proposed transconductor topology for high-performance
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charge-domain IF sampling.
To demonstrate the feasibility of charge-domain sampling with embedded FIR filtering

for built-in image rejection and anti-aliasing filtering in IF signal quadrature
downconversion by subsampling, Paper V presents the theoretical background, circuit-
level design, and measurement results for a fully-differential 0.35-μm CMOS charge-
domain IF sampler test circuit realization with an embedded 192-tap complex 1st-order
sinc-type FIR filtering function. The test circuit downconverts a real-valued IF input signal
with a nominal frequency of 50 MHz to baseband quadrature components using an output
subsampling frequency of fs≈926 kHz. The measurements performed on the circuit
demonstrate the feasibility of an active integrator based charge-domain FIR sampler
realization for achieving an accurate built-in FIR filtering response in IF signal sampling.
The measurements indicate that the suppression of the FIR filter notches closest to the
center frequency of the sampler is more than 60 dB. However, since time-interleaved
sampling operation is not used in the test circuit, the maximum built-in anti-aliasing
suppression for the nearest unwanted frequencies aliasing to dc is limited to only 18 dB.
The measured image band rejection is limited to 36 dB over the whole 923-kHz 3-dB
bandwidth of the sampler, due to circuit mismatches and static clock signal timing errors.
The measurements further show that integration of input noise-limiting filtering functions
into the subsampling downconversion process allows the use of relatively large
subsampling ratios (fin/fs=54 in the test chip) while still retaining an acceptable noise
performance and output dynamic range. Although designed for sampling of a nominal 50-
MHz IF input signal corresponding to a nominal internal FIR filter sampling frequency of
fs,FIR=200 MHz, the circuit operates properly up to a 115-MHz input signal frequency
(fs,FIR=460 MHz). A measured 3rd-order input intercept point (IIP3) of +20 dBV and a
spurious-free dynamic range (SFDR) of 66 dB is achieved at a 100-MHz IF input
frequency. The measured results are well comparable with other CMOS IF sampler
realizations, which utilize more conventional sampling methods and the same technology.
The power consumption of the test circuit, excluding output buffers is 30 mW from a
3.3-V supply.

Paper VI presents the theoretical background, design, and measurement results for a 0.8-
μm BiCMOS charge-domain IF sampler implementation. Based on a pseudo-differential
FIR sampler configuration with an active integrator back-end, the circuit quadrature
downconverts a 49.85-MHz IF input signal to a low IF of 15 kHz by subsampling at a rate
of fs≈1.042 MHz and integrates a 192-tap complex 1st-order sinc-type FIR anti-aliasing
filtering response into the sampling process. To increase the coarse passband selectivity
provided by the elementary built-in FIR filtering function, a technique of integrating a
narrowband 1st-order complex infinite-impulse-response (IIR) filtering function into the
charge-sampling operation merely by having an additional switched capacitor in parallel
with a fixed integration capacitor at each active integrator stage is presented in the paper.
The measured results obtained with the test circuit demonstrate the feasibility of this
technique for IF sampling and show an accurate achievable filtering response that is well
controlled by the sampling clock frequency and capacitance ratios. A high image band
rejection of over 44 dB was measured in the 26.3-kHz 3-dB bandwidth of the circuit
without the use of any tuning or trimming. The built-in anti-aliasing suppression for the
nearest unwanted frequencies aliasing to the low IF is more than 34 dB. The measured
SFDR is 59 dB, while the in-band IIP3 is -8 dBV at 50 MHz. The linearity and dynamic
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range of the circuit are limited due to the output signal distortion resulting mainly from the
back-end active integrator stages of the sampler, where the opamps have an insufficient
output swing capability to handle the relatively high voltage gain of the sampler. A
relatively large dc offset signal caused by the used common-mode feedback circuitry
further reduces the output linearity. Moreover, since time-interleaved operation is not used
in the test circuit to allow additional time for opamp settling, the incomplete settling
increases the noise floor of the sampler to some extent. The power consumption of the
circuit is 85 mW from a 5-V supply. 

According to [35], the use of the elementary charge-domain sampler with a 1st-order
bandpass sinc-type FIR response already appears to be adequate for achieving sufficient
anti-aliasing rejection in direct RF sampling in a Bluetooth receiver. Successful integration
of a more advanced FIR anti-aliasing filtering function into the subsampling
downconversion operation would further increase the selectivity of the receiver front-end,
however, and therefore relieve the requirements for an additional bandpass anti-aliasing
filter prior to the sampler. In addition, improving the built-in anti-aliasing filtering
capability would allow the output read-out rate of the front-end charge-domain sampler to
be lowered, thereby enabling reductions in the clock frequency and the power dissipation
of the subsequent discrete-time circuitry in a radio receiver chain. Paper VII describes the
two necessary circuit techniques for realizing advanced FIR anti-aliasing filtering
functions, such as higher-order sinc-type FIR functions, with the charge-domain sampling
technique: use of the time-interleaved and pipelined sampling operation and a method for
increasing the usable FIR tap coefficient resolution of the sampler. The proposed method is
based on realizing the impulse response of the sampler’s built-in FIR filtering function by
weighting signal current samples integrated into a (set of) sampling capacitor(s) with a
digitally-controlled current multiplier unit (CMU), constructed of several parallel current-
mode switches each carrying a unit current element. The achievable resolution of the FIR
coefficients ideally depends only on the number of switches connected in parallel, thereby
in principle enabling integration of a highly selective FIR filtering function into the charge
sampling operation. In addition to increasing the selectivity of the sampler, the simple
digital controllability of the CMU’s multiplier values, and thereby of the FIR filter tap
coefficients, enables the realization of digitally programmable, embedded FIR filtering
functions, which facilitates use of the technique in multi-standard radio receivers. The
paper presents circuit-level simulation results for an example of a 50-MHz IF sampler with
a built-in 22-tap complex bandpass sinc3-type FIR function in 0.35-μm CMOS, which
demonstrate the feasibility of the method. The non-idealities related to the practical circuit-
level realization of the proposed technique are discussed in Section 4.2.3 along with some
suggested improvements for overcoming them.
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4.2 Performance aspects and further developments

4.2.1 Frequency response of charge-domain samplers

The ideal transfer functions for an integrative charge-domain sampling circuit (Eq. (12))
and the general charge-domain FIR sampler (Eq. (16)) assume that the integrator unit
performs perfect integration of the input current, and furthermore, for the FIR sampler, that
there is no loss for charge samples already integrated by the unit during the progress of the
sampling cycle of N samples. In practice, however, both active and passive integrator based
sampler realizations contain circuit parasitics and other non-idealities, which affect their
frequency response. To characterize the effects of circuit non-idealities on the frequency
response, a simplified model for an active (Miller) integrator based charge-domain sampler
realization during the current integration period, including the most important circuit
parasitics was given in Paper V. The used non-ideal sampler model is redrawn in Fig. 14,
in which Ro and Co are the output resistance and capacitance forming the dominant pole of
the Gm element, Rsw is the series resistance of the sampling switch, and Cin represents the
parasitic capacitance of the opamp negative input node. 

Assuming that the opamp of the active integrator stage is a one-pole amplifier
represented by a CT transfer function

(19)

where A0 is the dc gain and ωp=2πfp is the 3-dB bandwidth of the amplifier, the CT s-
domain transfer function of the sampler during the current integration phase can be
approximated with a 3rd-order rational polynomial as

(20)

Fig. 14.  Schematic diagram of an integrating charge-domain sampling circuit during
the current integration period, including circuit non-idealities.
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where τ=RoCo+(Rsw+Ro)(Cin+(A0+1)Cs)+1/ωp≈RoA0Cs is the dominant time constant of
the whole active integrator stage and ωt=A0ωp is the gain-bandwidth product (GBW) of the
opamp. It should be noted that in the derivation of (20) it is assumed that the output
impedance of the opamp is small and does not affect the frequency response of the sampler
at the frequencies of interest. This condition can be achieved by buffering the output of the
amplifier with a low-impedance output stage such as the source follower used in the
sampler realization in Paper V. In practice, the finite output impedance of the opamp results
in a transmission zero in the CT transfer function of the sampler during the integration
phase. For an operational-transconductance-amplifier-(OTA-)based integrator, the
transmission zero can reside at a relatively low frequency and may thus affect the transient
behaviour of the sampler. For simplicity, however, the analysis presented here neglects the
transmission zero.

With typical design parameters, (20) has a dominant pole fdom=1/(2πτ) at a relatively low
frequency (e.g. some tens of Hz) due to the Miller effect of the active integrator stage,
whereas the other two poles are usually close to each other at frequencies near to the opamp
GBW. For a high-bandwidth amplifier (i.e. one in which GBW is hundreds of MHz), the
transient behaviour of the sampler during the integration period is dominated by fdom.
Neglecting the high-frequency poles, the CT transfer function of the sampler during the
integration interval can be expressed as

(21)

Note that for an ideal integrator, τ approaches infinity.
The response of the integrating charge-domain sampler with the 1st-order integrator

characteristics to a sinusoidal input signal can be calculated in the s-domain by multiplying
(21) by the Laplace transform of a “pulsed” sinusoid (see Appendix 1 for a detailed
derivation). The amplitude transfer function of the integrating sampler with circuit non-
idealities can be derived as

(22)

If τ→∞ in (22), the non-ideal response of the sampler approaches the ideal sinc
response, the bandwidth of which is determined solely by the integration time Ti. The
exponential terms in (22) can be interpreted as a measure of the charge loss caused by the
finite time constant of the integrator stage; the smaller τ is compared with Ti, the greater the
charge loss, which for an active integrator based sampler usually results in practice in a
small overall gain reduction and limited attenuation around the notches of the sinc response

Vout s( )
Vin s( )------------------

t tint=

GmA
0
Ro

sτ 1+
--------------------- .–≈

Hs ω( )
Vout ω( )
Vin ω( )
--------------------

GmA
0
Ro 1-2 ωTi( )e

-Ti τ⁄
e

-2Ti τ⁄
+cos

ω2τ2
1+

-----------------------------------------------------------------------------------------------= =

Gm 1-2 ωTi( )e
-Ti τ⁄

e
-2Ti τ⁄

+cos

Cs ω2
1 τ2⁄+

----------------------------------------------------------------------------------.≈



44
(see fig. 7 in Paper V). It should be noted that (22) can also be used to calculate the
amplitude transfer function of a passive integrator based sampler realization by setting
A0=1 and τ=(Rsw+Ro)Cs. Since due to absence of the Miller effect the dominant time
constant for the passive integrator based sampler is approximately 1/A0 times smaller, the
amplitude response of the passive realization is much more sensitive to the finite output
impedance Zo,Gm of the transconductor. Hence, for sampling low-frequency and IF signals,
an active integrator based sampler is usually the preferred solution on account of its
insensitivity to finite Zo,Gm, and also on account of the greater output swing and inherent
linearization provided by the use of negative feedback.

If an active integrator based charge-domain sampler is used for sampling of baseband
signals, an opamp with a fairly limited bandwidth may be sufficient, due to the low signal
and sampling frequencies associated with the sampling process. A low-bandwidth opamp
would also be preferable in order to minimize the power dissipated by the back-end of the
sampler. Although the use of low bias currents in an opamp limits the obtainable
bandwidth, it does usually allow high dc gain A0 to be achieved. If the output impedance
Zo,Gm of the Gm cell is simultaneously designed to be relatively high, i.e. Ro is in the order
of tens of MΩs, the dominant time constant τ ≈ RoA0Cs of the sampler can become much
larger than the time used for integrating the current, thereby resulting in minimal loss of the
integrated charge. Assuming Zo,Gm >> (i.e. Ro>> and Co<<), the approximate CT transfer
function of the sampler during the integration phase can be derived by setting Ro=∞ and
Co=0 in the non-ideal sampler model of Fig. 14, which yields

(23)

where ωp2≈ωp(Cin+(A0+1)Cs)/(Cin+Cs) is the non-dominant pole of the integrator, which
for large values of Cs is usually close to the GBW of the opamp. Eq. (23) shows that the
approximate CT transfer function of the sampler contains a pole at dc and a high-frequency
pole. The pole at dc indicates that there is no resistive leakage path, and therefore ideally
no loss, for the charge fed into the input node of the active integrator stage during the
integration period. However, due to the limited bandwidth of the opamp represented by the
high-frequency pole in (23), the whole input charge is not immediately transferred into Cs
and a portion of it will be stored in Cin. Thus, for correct operation of the sampler, a settling
period is needed after the integration phase to transfer the residual input charge to Cs. In
practice, the settling process depends on the amount of residual charge stored in Cin, which
in turn mainly depends on the GBW of the opamp, the length of the integration period and
the relation of the phase of the sinusoidal input signal to the phase of the clock signal
determining the integration period. Note that due to the partial continuous flow of input
charge into Cs during the integration period, a relatively short additional settling period is
usually sufficient for charge-domain sampling circuits. 

If the settling time is chosen to be properly long and the settling process is linear, the
accuracy of the final settled output voltage of the sampler will depend mostly on the opamp
dc gain A0 and on the values of the capacitances Cin and Cs. For a fully-settled opamp, the
amplitude transfer function of the elementary integrative charge-domain sampler
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approaches a value

(24)

It can be concluded from (24) that, provided that there is no charge loss due to a finite
integrator τ and the settling period is sufficiently long, the finite A0 of the opamp results
merely in a constant gain reduction in the sampler response, which is independent of the
input signal frequency and therefore does not affect the attenuation provided by the notches
of the sampler’s lowpass sinc response. With typical circuit parameters, the constant gain
loss caused by the finite A0 is usually only on the order of some tenths of a dB at the
maximum. 

The linearity discussion presented in Paper V suggests that in addition to the frequency
response of the charge-domain sampler, the distortion caused by the active integrator stage
of the sampler’s back-end would in principle also be determined only by the accuracy of
the final opamp settling if the charge loss due to the finite τ of the integrator can be
considered to be negligibly small. Thus, as in the case of DT SC integrators [44], if the
settling period is designed to be adequately long, increasing A0 should directly improve the
linearity of the charge-domain sampler’s active integrator stage. Practical transistor-level
simulations show, however, that the linearity of the back-end of an active integrator based
charge-domain sampler is mainly determined by the transient voltage swing seen at the
virtual ground node of the opamp input, caused by its finite bandwidth during the current
integration phase. Hence, increasing A0 alone does not necessarily improve the linearity of
the back-end integrator, and to achieve high linearity care has to be taken to minimize any
high-frequency signal swing at the opamp input, which may impose additional demands on
the bandwidth of the opamp.

In addition to the lowpass sinc response resulting from the gated integration of the
current, the finite τ of the integrator also affects the frequency response of the FIR filtering
function obtained by the multiple integration of weighted current samples. As presented
above, for the lowpass sinc response of the integrating charge-sampling circuit to be
determined only by the integration time Ti, the integrator τ has to be large compared with
Ti. In successive integration of several current samples in the FIR filtering operation, the
finite integrator τ will also result in leakage of charge samples already stored in the
capacitances of the active integrator stage in the course of the integration cycle. Using the
dominant pole approximation given by (21) for the CT transfer function of the sampler
during the integration cycle, the leakage of kth charge sample stored by the integrator during
the charge accumulation cycle can be modelled in the time domain with the equation

(25)

where Vout,k(t0) is the output voltage of the sampler due to the kth integrated current sample
at the end of the kth integration period at time t0. Taking into account the charge leakage for
all individual integrated samples, the output voltage of the general N-tap charge-domain
FIR sampler after the integration cycle of N samples at time t=nTs can be written as
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(26)

where Vout,k(tx) describes the time-domain output voltage (see (A1.6) in Appendix 1) of the
non-ideal integrator stage due to the kth current sample weighted by an FIR tap coefficient
hk and integrated over the time interval [tx-Ti, tx]. Eq. (26) shows that the final output
voltage of the FIR sampler with circuit non-idealities consists of the sum of N integrated
charge samples, each weighted by a loss factor e-ΔTk /τ, which depends on the time ΔTk for
which the particular sample k leaks from the capacitances of the integrator stage during the
integration cycle on account of the finite τ. Note that the instantaneous output voltage of
the FIR sampler depends on the relation of the phase of the sinusoidal input signal to the
output sampling moment nTs. The amplitude transfer function of the general FIR sampler
with circuit non-idealities can be found by calculating the maximum value of (26) as a
function of the sinusoidal input signal frequency.

 Since the amplitude transfer function of the general non-ideal FIR sampler evaluates to
a lengthy expression which cannot easily be simplified, an example non-ideal amplitude
response of a sampler with an elementary real-valued bandpass 1st-order sinc type FIR
filtering function obtained with the aid of (26) is plotted in Fig. 15 to illustrate the effects
of the charge loss caused by the finite integrator time constant on the amplitude response
of the sampler. The opamp parameters used in the figure are A0=55 dB, ωt=300 MHz
(fp≈545.5 kHz) and Cin=0.2 pF. The resistance of the sampling switch is Rsw=500 Ω, while
the output resistance of the Gm cell, chosen intentionally to be relatively small in order to
exaggerate the effects of the integrator loss on the FIR response, is Ro=100 kΩ. The
sampling capacitance, Gm cell transconductance and output capacitance are Cs=1 pF,
Gm=0.2 mS and Co=0.6 pF, respectively, while the FIR filter sampling frequency and tap
count are fs,FIR=100 MHz (Ti=10 ns) and N=20. For comparison, circuit-level simulation
results of the same sampler model for the given example circuit parameters, and for Gm cell
output capacitance values of Co=0.6 pF and Co=0 F are also shown in the figure.

The zoomed amplitude response of the example sampler around the notch closest to its
passband (f=45 MHz) shows that the maximum attenuation at the notch1) is limited to
approximately -36 dB due to the finite τ instead of the infinite suppression provided by an
ideal FIR response. The gain loss at the center frequency2) fc=50 MHz relative to an ideal
sampler response is approximately 0.1 dB. Provided that the output of the example sampler
is read out at a rate fs=fs,FIR/20=5 MHz and the image band frequencies are completely
attenuated, a maximum built-in anti-aliasing suppression of 64 dB is achievable in the
sampling of a narrowband bandpass signal situated near fc. The circuit-level simulation
results, neglecting the bandwidth limitation of the Gm cell, i.e. Co=0, are in good agreement
with the theoretical response, whereas the simulated response for Co=0.6 pF shows a

1) An explicit expression for the suppression at the notch is given in Appendix 2 by (A2.1).
2) An explicit expression for the gain at fc is given in Appendix 2 by (A2.2).
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slightly reduced passband gain and a slightly smaller attenuation around the notch than is
indicated by the theory. The discrepancy is caused by the dominant pole approximation,
which neglects the signal attenuation due to the capacitive part of Zo,Gm. The difference
caused by the finite Co is nevertheless usually relatively small for typical FIR sampler
design parameters (i.e. Cs is several pFs).

The maximum achievable built-in anti-aliasing suppression of the charge-domain
sampler with an embedded bandpass sinc-type FIR function can be calculated as a ratio of
the signal gain at fc (A2.2) to the attenuation at the notch closest to the passband of the
sampler at f=fc-fs,FIR/N (A2.1) obtained with the aid of the non-ideal sampler model
described by (26). The achievable theoretical maximum built-in anti-aliasing suppression
of the example FIR sampler of Fig. 15 as a function of the normalized integrator time
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constant τ /Ti is presented in Fig. 16, which shows the achievable anti-aliasing suppression
for three FIR tap counts, N=10, N=20 and N=40.

It can be seen that the achievable attenuation at the notch decreases with increasing N
due to the greater charge leakage caused by a longer effective total length of the integration
cycle NTi. To achieve a 60-dB maximum anti-aliasing suppression, a time constant of
τ=19.2 μs is required for a 10-tap FIR sampler, whereas for the 40-tap sampler
approximately a 3.5-fold time constant of τ=66.9 μs is needed to obtain the same
suppression. With typical circuit parameters for an active integrator based sampler, a
dominant time constant of several hundred μs is easily achievable, resulting in a maximum
achievable anti-aliasing attenuation greater than 60 dB for all the sampler configurations
shown. The measurements for the 50-MHz CMOS IF sampler realization with a 192-tap
complex FIR filtering function (i.e. a 96-tap real-valued FIR function for one quadrature
channel) presented in Paper V show a maximum achievable notch attenuation of around 60
dB, demonstrating the feasibility of an active integrator based implementation for
achieving an accurate built-in FIR anti-aliasing filtering response. For comparison, a
measured notch suppression of less than 40 dB was reported in [45] for a passive integrator
based charge-domain RF sampler with an 8-tap sinc-type FIR function. It is worth noting,
however, that the maximum attenuation at the notch of the sinc response is a somewhat
unrealistic measure of the anti-aliasing filtering capability of the bandpass sampler, since
in practice sufficient anti-aliasing suppression is required over the whole signal bandwidth.
In addition to limiting the maximum attenuation at the center of the notch, the charge loss
reduces the achievable suppression of the FIR response in the vicinity of the notch. Hence,
the final choice of FIR tap count and the necessary integrator time constant will be
governed by both the anti-aliasing filtering requirements and bandwidth the specifications
of the specific application.
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4.2.2 Noise performance of charge-domain samplers

Based on a simplified noise analysis, Paper I provides expressions for the output noise of
both elementary integrating and bandpass FIR charge-domain samplers attributable to the
wideband input noise of the front-end. Apart from the aliasing input noise, the output SNR
of a practical active integrator based charge-sampling circuit realization is also affected by
various other noise sources, the main ones being those shown in Fig. 17. During the
integrative sampling period (Fig. 17 (a)), the current noise I2

n,Gm(f) at the output of the Gm
cell is integrated into the sampling capacitor Cs of the active integrator stage. Note that any
noise voltage at the input of the Gm cell can be referred to the output of the cell by
multiplying it by the transconductance gain Gm. The thermal noise of the sampling switch
on-resistance Rsw, described by the white noise source V2

n,Rsw(f)=4kTRsw, forms another
noise current that is integrated into Cs during the integration interval. The input-referred
noise voltage of the opamp, represented by Vn,opain(f), contributes to the output noise of the
sampler during both the integrating sampling phase and the subsequent discharging of Cs
(see Fig. 17 (b)). Note that at least for the purposes of noise analysis at low frequencies, the
input noise current of an opamp with a MOS transistor based input stage can be considered
to have a negligible effect on the total output noise of the sampler. The thermal noise of the
on-resistance Rres of the reset switch is represented during the reset phase by the white noise
source V2

n,Rres(f)=4kTRres.

Fig. 17.  Main noise sources of an active integrator based charge-domain sampler
realization (a) during the integration phase, and (b) during the reset phase.
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4.2.2.1 Noise sampled during the integration phase

With typical circuit parameters, the CT transfer function of the sampler has a dominant pole
determined by the time constant τ during the current integration period, and the amplitude
transfer function of the integrating charge-domain sampler from the input of the Gm cell to
the output can be approximated with |Hs(f)|, as given by (22). With this assumption, the rms
noise power sampled into the output of the sampler during the integration period due to the
output noise current I2

n,Gm(f) of the Gm cell can be calculated by evaluating the integral

(27)

For an accurate estimate of the sampled rms output noise attributable to the integrated
input noise current, the spectral density of I2

n,Gm(f) would have to be known. For the
purposes of a simplified noise analysis, however, if only thermal noise with a white spectral
density I2

n,Gm(f)=I2
n,Gm is considered, the integral in (27) can be reduced to

(28)

Like the integrated signal at the output of the sampler, the integrated output noise caused
by the noise of the front-end also depends on the relation Ti /τ. If τ >>Ti, (28) can be
approximated with (Paper I)

(29)

Thus for large values of τ, the sampled output noise attributable to the front-end noise is
directly proportional to the integration time and, like the integrated signal power, scales
down by the square of the sampling capacitance. 

In a charge-domain sampler with an embedded FIR function the noise of the front-end
is filtered both by the lowpass sinc response due to current integration and also by the
discrete-time FIR response before sampling at the output of the sampler. For a bandpass
sampler with a narrowband bandpass-type FIR response, for example, the sampled output
noise attributable to the front-end will be mainly dependent on the noise spectral density of
I2

n,Gm(f) around the passband of the sampler, whereas the 1/f noise of the front-end may
make an insignificant contribution to the total output noise due to the attenuation provided
by the bandpass FIR response at low frequencies. Therefore, for accurate noise
calculations, both the transfer function of the FIR response and the spectral density of
I2

n,Gm(f) would have to be known. To obtain a rough estimate of the contribution of the
front-end to the total output noise of the FIR sampler, the spectral density of I2

n,Gm(f) can
be assumed to be white. Neglecting the frequency-domain behaviour of the input noise, its
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contribution to the output noise of the elementary charge-domain FIR sampler with an N-
tap 1st-order sinc-type response can be calculated by setting the total integration time to NTi
in (28). Assuming that the charge loss caused by the finite integrator τ is negligible (i.e.
τ >>NTi), the sampled rms output noise due to thermal front-end noise becomes
approximately (Paper I)

(30)

It can be seen that by doubling the number of FIR taps N the rms output noise power of the
sampler caused by I2

n,Gm(f) increases by 3 dB.
The CT transfer function of the second noise source, the thermal noise Vn,Rsw(f) of the

sampling switch resistance Rsw, to the output of the sampler during the integration period
can be approximated with

(31)

With typical circuit parameters, the above transfer function contains a transmission zero
at a frequency equal to the bandwidth of the Gm cell, a low-frequency pole determined by
the dominant time constant τ of the integrator, and two closely-spaced high-frequency poles
located at frequencies near the unity-gain frequency of the opamp. Provided that the
bandwidth of the Gm cell is wide, the transmission zero will be situated at a relatively high
frequency close to the two high-frequency poles of (31), hence partly compensating for the
bandwidth limitation caused by them. For a wideband Gm cell and a high-GBW opamp, the
CT transfer function of Vn,Rsw(f) to the output of the sampler can be approximated with a
1st-order lowpass transfer function by setting Co=0 in (31) and neglecting the remaining
high-frequency pole, which gives

(32)

The corresponding DT amplitude transfer function for Vn,Rsw(f) to the output of the
active integrator during the integration phase can be calculated with a similar procedure to
the amplitude transfer function for the input signal in gated integration (see Appendix 1),
and becomes 

(33)
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The contribution of Vn,Rsw(f) to the total output noise of the charge-domain sampler during
the integration period can be calculated by evaluating the integral

(34)

which yields

(35)

Inspection of (35) reveals that the output noise contribution due to the sampling switch
is minimized by having a large Ro, or more specifically a large Zo,gm (i.e. Ro>> and Co<<),

compared with Rsw. With typical circuit parameters, the noise contribution of Rsw can be
markedly lower than kT/Cs. It should be noted, however, that in practice the finite Co of the
Gm cell reduces the output impedance Zo,gm at high frequencies, resulting in the formation
of a larger noise current due to Vn,Rsw(f) during the on-state of the sampling switch. The
resulting noise current is integrated by the active integrator stage during Ti, thereby
increasing the contribution of Vn,Rsw(f) to the total output noise of the sampler. As with the
front-end noise, the contribution of Vn,Rsw(f) to the output noise of the charge-domain
sampler with an embedded N-tap FIR filtering function can be approximated by setting the
integration time (Ti) in (35) to NTi.

In an active integrator based charge-sampling circuit the input-referred noise of the
opamp V2

n,opain(f) contributes to the output noise of the sampler during the entire operation
of the sampler, i.e. during the current integration, opamp settling and sampling capacitor
resetting phases. During the integration and subsequent settling period, Vn,opain(f) is
effectively transformed into a corresponding noise current in the impedance seen at the
negative input node of the opamp (see Fig. 17 (a)). The resulting noise current is integrated
into Cs and finally sampled at the output of the sampler at the end of the opamp settling
period. During the integration phase, assuming that the output capacitance Co of the Gm cell
is small, the CT transfer function of Vn,opain(f) to the output of the sampler contains two
significant poles and a transmission zero and can be approximated with

(36)

where τp2=(Cin+Cs)/((Cin+(A0+1)Cs)ωp) is the non-dominant time constant of the
integrator. The CT amplitude transfer function of the opamp input noise to the output of the
sampler during the integration phase according to (36) is illustrated in Fig. 18. The example
circuit parameters are similar to those used for Fig. 15, apart from the output resistance of
the Gm cell, which is Ro=500 kΩ in Fig. 18.

It can be seen that as the sampling capacitance Cs is increased, both the dominant pole
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and the transmission zero move to a lower frequency. With typical circuit parameters, i.e.
Zo,gm>> and Cs is of the order of some picofarads, the dominant pole and the transmission
zero are usually located at relatively low frequencies. The noise at frequencies below the
dominant pole is amplified to the output of the sampler by the opamp dc gain A0 in the CT
circuit. The non-dominant pole ωp2=1/τp2 of (36) is usually situated relatively close to the
GBW of the opamp (ωp2≈ωpA0).

Typically V2
n,opain(f) is highly frequency-dependent and can have a considerable

emphasis at low frequencies due to the 1/f noise of the MOS input differential pair of the
opamp in the active integrator configuration. Since the low-frequency noise of V2

n,opain(f)
is amplified to the output of the sampler by A0 during the integration phase, the 1/f noise of
the opamp can significantly affect the noise performance of the sampler, especially if the
integration period is long. On the other hand, during the opamp settling period following
the integration cycle, Vn,opain(f) is transformed into a noise current in the input capacitance
Cin of the opamp and is thus amplified to the output of the sampler by a much lower gain
at low frequencies (see Fig. 18 with Zo,gm=∞). To simplify the analysis and obtain an
intuitive understanding of the effect of V2

n,opain(f) on the sampled output noise of the
charge-domain sampler, the effects of the low-frequency noise amplification during the
integration interval can be neglected by assuming that the output impedance of the Gm cell
is very large. Thus, by setting Zo,gm=∞ (Ro=∞/Co=0), (36) can be simplified to

(37)

Note that (37) represents the approximate CT transfer function of Vn,opain(f) to the output
of the sampler during both the integration phase and the subsequent opamp settling period.

The corresponding DT amplitude transfer function during the integration and settling
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phases can be calculated similarly to the amplitude transfer function for the input signal in
gated integration (see Appendix 1), which gives

(38)

where Ti,tot is the total time taken by both the integration and opamp settling phases in the
charge sampling process. The rms output noise sampled during the current integration and
opamp settling phases due to V2

n,opain(f) can be calculated by evaluating the integral

(39)

Considering only thermal noise with white spectral density V2
n,opain(f)=V2

n,opain,
evaluating (39) yields

(40)

Since usually Ti,tot >> τp2, (40) can be approximated with

(41)

The output noise due to thermal noise of V2
n,opain(f) sampled during the integration and

the subsequent settling phase increases approximately linearly with the bandwidth of the
opamp. It is worth noting that if the low-frequency noise amplification caused by the finite
Zo,gm during the integration period is neglected, the output noise contribution of V2

n,opain(f)
does not depend on the length of the integration phase. Hence (41) can also be used to
approximate the thermal noise contribution of V2

n,opain(f) sampled during the integration
cycle and the subsequent settling phase to the output noise of the charge-domain FIR
sampler.

4.2.2.2 Noise sampled during the reset phase

Two noise sources contribute to the output noise of the active integrator based sampler
during the reset phase: the thermal noise from the on-resistance of the reset switch Rres in
parallel with Cs and another noise component from the input-referred noise of the opamp
V2

n,opain(f). Neglecting the bandwidth limitation of the opamp, the sampled output noise
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due to Rres can be approximated with 

(42)

Eq. (42) shows that although the output noise contribution due to the sampling switch can
be significantly smaller than kT/Cs for charge-domain samplers, the familiar kT/C noise
component will nevertheless be sampled into Cs due to the resetting operation. Note,
however, that unlike the situation in voltage-sampling circuits, the selection of Cs for
charge-sampling circuits is not constrained by the achievable sampling bandwidth.

To simplify the analysis of the contribution of V2
n,opain(f) sampled during the reset

phase, the on-resistance of Rres can be considered small enough to effectively short-circuit
the input and output nodes of the opamp. On this assumption, the opamp is connected in a
unity-gain configuration during the reset phase and the noise voltage at its input is
amplified to the output of the sampler by

(43)

For proper discharging of Cs, the length of the reset phase is usually long compared with
the time constant of the unity-gain-connected opamp τt=1/ωt , and hence the rms noise at
the output of the opamp at the end of the reset phase can be calculated by multiplying the
square of the amplitude transfer function of (43) by V2

n,opain(f) and integrating over the
whole frequency range. Considering only thermal noise with white spectral density
V2

n,opain(f)=V2
n,opain, the rms noise power sampled during the reset phase can be evaluated

as 

(44)

Note that due to the unity-gain configuration, (44) is equivalent to the rms noise power
sampled into the input capacitance Cin of the opamp at the end of the reset phase.

 During the subsequent integration period after the reset phase, the gain of the
capacitively feedback-connected amplifier forces the noise charge stored in Cin to be
transferred to the initially discharged integrating capacitor Cs. In practice, this charge
transfer process depends both on the impedance seen towards the output of the Gm cell
(Rsw+Zo,gm) and on the properties of the capacitively feedback-coupled opamp. Assuming
Zo,gm>>, the charge transfer process during the integration period can be described by
equation

(45)
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where Vn,opa(0) is the instantaneous noise voltage sampled into Cin at the end of the reset
phase and τp2 is the non-dominant time constant of the integrator. Eq. (45) shows that the
final contribution of V2

n,opain(f) acquired during the reset phase to the output noise of the
sampler clearly depends on the total time Ti,tot used for the integration and subsequent
opamp settling in the charge-sampling process. Since Ti,tot is usually much greater than τp2,
the final instantaneous output noise voltage at the end of the opamp settling period can be
approximated by letting t→∞ in (45). Hence the rms noise contribution of V2

n,opain(f)
sampled during the reset phase to the total output noise of the sampler at the end of the
settling period approaches a value

(46)

for thermal opamp input noise. Note that the term 1/  in (46) comes from the
transformation of the instantaneous settled output noise voltage of (45) to an rms power
quantity. Like the opamp input noise sampled during the integration phase, the output noise
due to the thermal noise of V2

n,opain(f) sampled during the reset phase increases linearly
with the bandwidth of the opamp, and, assuming that Zo,gm is large, it does not depend on
the length of the integration period. Hence, to minimize the additional noise due to the
opamp in an active integrator based sampler, the bandwidth of the opamp should not be
designed to be any wider than is required to achieve adequate linearity and settling
performance.

The theoretical rms output noise contributions of the opamp input referred thermal noise
V2

n,opain sampled during the reset phase and during the integration and the following
settling phase in an integrating charge-domain sampling circuit are presented in Fig. 19 as
a function of the sampling capacitance Cs. The figure also shows the theoretical and circuit-
level simulated total summed contributions of V2

n,opain to the output noise, assuming that
the noise samples obtained during the different operation phases of the sampler are not
correlated. The circuit parameters used in the figure are the same as those used in Fig. 18.
The spectral density of the white opamp input-referred noise is Vn,opain=4.1 nV/ , and
the integration, settling and reset period lengths are 10 ns, 90 ns, and 100 ns, respectively.

It can be seen that for small values of Cs, the total output noise of the sampler due to
V2

n,opain is mainly determined by the amount of noise sampled during the reset phase. The
total output noise due to the opamp decreases as Cs increases, but eventually saturates to a
value almost solely determined by the noise integrated into Cs during the integration and
settling phases. The circuit-level simulations agree fairly well with the theoretical results
especially for large values of Cs. The discrepancy at small values of Cs is caused mainly by
the finite Zo,gm neglected in the theoretical noise analysis. 

4.2.2.3 Total sampled output noise and output SNR

To illustrate the contribution of various noise sources to the total sampled output noise of
an active integrator based integrating charge-domain sampler, the sampled rms output noise
attributable to the different thermal noise sources is presented as a function of Cs in Fig. 20
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(a), which also shows the total summed output rms noise of the sampler, obtained on the
assumption that the output noise contributions from the different noise sources are not
correlated. The white spectral density of the Gm cell output-referred noise current is
In,Gm=10 pA/  in the figure, while the other circuit parameters are the same as in figures
18 and 19. Inspection of Fig. 20 (a) shows that for the given circuit parameters, I2

n,Gm is
clearly the largest contributor to the total output noise up to Cs=1 pF, after which V2

n,opain
starts to dominate and eventually saturates the output noise to approximately -81 dBVrms
as Cs is increased further. It should be noted that the contribution of the thermal noise of
Rsw to the total output noise is negligible, whereas the kT/C noise due to Rres can make a
significant contribution to the output noise if a low-noise front-end Gm cell and back-end
opamp are used.

The theoretical total output rms noise of the example sampler is redrawn in Fig. 20 (b)
and presented along with circuit-level simulation results obtained with the sampler model
used in Fig. 17, with the given circuit parameters. The simulations are performed for a Gm
cell output capacitance value of Co=0.6 pF and for the ideal case of Co=0. It can be seen
that the theoretical total output noise corresponds well to the simulated noise, validating the
presented noise analysis of thermal noise. The simulations for the ideal case Co=0 indicate
that the relatively small difference between the simulations and the theory for small values
of Cs results mainly from the finite output impedance of the Gm cell, which affects the
practical noise contribution of the sampling switch and the opamp input-referred noise. 

Theoretical and circuit-level simulated output SNRs for an integrating charge-domain
sampler are presented in Fig. 21 as a function of Cs for two different integration period
lengths, Ti=10 ns and Ti=100 ns. The corresponding lengths of the settling and reset phases
are 90 ns/100ns and 50 ns/50ns, respectively, resulting in the same output sampling period
of Ts=200 ns in both cases. The theoretical signal gain for a 1-V 1-MHz sinusoidal input
signal is calculated according to (22), while the theoretical total output noise is obtained
from the presented noise expressions with the same circuit parameters used in Fig. 20. 

It can be seen that for low values of Cs the output SNR is improved by around 10 dB by
a ten-fold increase in the integration time from 10 ns to 100 ns. Note, however, that without
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the use of pipelined and time-interleaved sampling to increase the output read-out rate of
the sampler, an increase in Ti will result in a lower output sampling rate and therefore a
lower OSR for a given fixed signal bandwidth. The output SNR remains relatively constant
up to Cs=1 pF for Ti=10 ns, and up to Cs=10 pF for Ti=100 ns, after which it begins to
decrease as Cs is increased further. The output SNR degradation as Cs increases is caused
by saturation of the output noise level due to the greater contribution of the sampler back-
end noise sources (see Fig. 20). Note that for large values of Cs, the output signal power is
approximately proportional to 1/Cs

2, while the output noise power due to the kT/C
component of the reset switch, for example, is proportional to 1/Cs. The simulation results
can be seen to resemble the theoretical values well, thereby validating the analysis.
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4.2.2.4 FIR sampler noise figure

Since the preferred use of a charge-domain sampler with an embedded bandpass-type FIR
filtering function is in IF/RF signal (quadrature) downconversion in a radio receiver chain,
the calculation of a noise figure for the sampler as a function of various circuit parameters
is a matter of interest. A simplified expression for the noise figure of an elementary charge-
domain FIR sampler with an N-tap 1st-order sinc-type bandpass FIR response was derived
in Paper I. However, the noise analysis presented in the paper neglected the contribution of
the back-end noise sources of the sampler to the total output noise. For a more accurate
noise figure analysis, let us assume that the power spectral density of the white noise at the
input of the sampler attributable to the signal source is V2

n,in(f)=Nin, while the intrinsic spot
noise figure of the front-end Gm cell is given by NFGm. The output noise current of the Gm
cell can then be calculated as I2

n,Gm(f)=Gm
2NFGmNin. Assuming that the time constant of

the sampler’s back-end integrator unit is high enough to perform a practically ideal
integration, the total output rms noise power for a charge domain sampler with an N-tap
real-valued 1st-order sinc-type bandpass FIR filtering response can be approximated with

(47)

For simplicity, it is assumed in (47) that the noise contributions of the back-end opamp
of an active integrator based sampler and the thermal noise of the sampling switch
resistance to the total output noise are not significant and can therefore be neglected. Note
that (47) gives an accurate estimate of the output noise for a passive integrator based
sampler realization. As a result of subsampling at the output of the sampler, the rms output
noise of (47) will be spread over the Nyquist band (0-fs/2) of the output sampling frequency
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fs, ideally resulting in a white output noise spectral density of

(48)

Provided that the integration period length Ti of the sampler is equal to the sampling
period Tf of its FIR filter, the (narrowband) signal voltage gain for frequencies near the
passband of the bandpass sampler (i.e. fc=1/(2Ti)) can be written as 

(49)

The spot noise figure for the bandpass FIR sampler for a passband input signal of power
Sin can be calculated as a ratio of the input and output SNRs:

(50)

The spot noise figure of the FIR sampler consists of two components: the first part of (50)
is due to the noise sampled from the back-end of the sampler, while the latter part represents
the contribution of the integrated front-end noise to the output noise of the sampler. 

The noise figure of the FIR sampler as a function of the sampling capacitance Cs for
various sampler operating configurations is illustrated in Fig. 22, where the center
frequency of the sampler is fc=1 GHz, which corresponds to an integration period length of
Ti=0.5 ns. The white noise spectral density at the input of the sampler due to the signal
source is Nin=0.9 nV/ , corresponding to an equivalent input noise resistance of
Rneq,in=50 Ω , and the noise figure of the front-end Gm cell is NFGm=3 dB. Furthermore, it
is assumed that the output of the sampler is read out at a rate fs=1/(NTi), thereby yielding
optimal built-in anti-aliasing suppression for bandpass signal sampling. 

The high sensitivity of the noise figure to the gain of the front-end is revealed in Fig. 22.
As indicated in (49), the front-end signal gain can be increased either by increasing Gm or
by increasing N, which effectively increases the total time used for integration in the
sampling cycle. It should be noted again, however, that increasing N results in a lower OSR
at the output of the sampler for a fixed signal bandwidth and reduces the achievable built-
in anti-aliasing attenuation around the notches of the bandpass sinc response (see Fig. 12 in
Section 3.3). In the case of a low front-end gain of Gm=0.1 mS, the output noise of the
sampler is dominated by the kT/C noise from the back-end, and the output SNR thus
decreases, while NFGm increases almost linearly as Cs is increased. 

To summarize, it can be concluded that to maximize SNRout, and thereby minimize
NFFIR, it is advantageous to integrate the input signal current as much as possible in order
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to increase the selectivity of the sampler’s FIR filtering function. It is also worth noting that
since increasing the tap number N of the sampler results in a greater passband signal gain,
it allows the amplitude of the integrated signal current to be reduced for a given output
signal magnitude, which in an active integrator based sampler implementation will
decrease the distortion generated by the back-end integrator stage during the integration
cycle [37]. Eventually, the maximum number of FIR taps N that can be used in the
downconverting FIR sampler stage, and thereby the minimum output sampling rate
fs=1/(NTi)=2fc/N, will be limited only by the amount of anti-aliasing filtering required to
suppress interfering signals located around the unwanted multiples of fs. To relieve the
requirements for an additional anti-aliasing filter prior to the sampler, the pipelined and
time-interleaved sampling operation described in Paper VII can be used to increase fs for a
given N at the expense of increased circuit area and power dissipation. Moreover, to avoid
degradation of NFFIR due to back-end noise, the sampling capacitance Cs should not be
selected any larger than is necessary to avoid significant distortion due to signal clipping at
the back-end integrator stage of the sampler. Note that for N>>, the passband signal gain in
the sampler can become relatively large thus possibly requiring a Cs of several pFs. As a
drawback, the use of a smaller Cs in order to improve NFFIR will reduce the dominant time
constant of the integrator, which may affect the accuracy of the sampler’s FIR filtering
response and the achievable built-in anti-aliasing attenuation, especially for a passive
integrator based realization.

4.2.3 Further developments

The sampling and incorporated filtering techniques presented in the original publications
can be extended and combined to markedly improve the filtering properties of elementary
charge-domain sampling circuits, and, the selectivity of subsampling downconverters in
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general. For example, the technique of using ΔΣ FIR tap coefficient quantization to
improve the selectivity of an elementary charge-domain FIR sampler was introduced in
Paper II by using only simple tap coefficients +1, -1, and 0. Although the obtainable
passband selectivity of a charge-domain sampler can already be relatively high with these
tap coefficients, a fairly selective additional post-filter or pre-filter is required to achieve
adequate attenuation at the stopband of the sampler’s FIR response, due to the inherently
high level of quantization noise associated with a ΔΣ quantization process with only three
quantization levels. The signal current weighting method introduced in Paper VII
essentially provides a significant increase in the number of tap coefficient levels associated
with the ΔΣ quantization process, thereby leading to markedly improved out-of-band
suppression and possibly making the use of additional pre-filters or post-filters even
unnecessary. To clarify this, let us consider an example target lowpass FIR response with
N=128 tap coefficients designed with Kaiser window function. The ideal frequency
response of the target FIR filter is shown in Fig. 23, along with two ΔΣ-quantized frequency
responses using three tap coefficient quantization levels from the set [±1,0] and binary-
weighted 4-bit (+sign bit) tap coefficients with 32 quantization levels from the set
[-15, ..., -1, 0, +1, ..., +16]. It can be seen that both quantized amplitude responses resemble
the target FIR response well around the passband of the filter. However, the out-of-band
attenuation achieved by 4-bit quantization is ideally more than 20 dB better on average,
thereby markedly relieving the stopband attenuation requirements for an additional pre-
filter or post-filter.
 

The fundamental property of charge-domain samplers with embedded FIR filtering is
that their output can be read out only after the entire current integration cycle of N weighted
samples has been completed, thereby inherently resulting in an output sampling rate fs
which is lower than that of the sampler’s internal FIR filtering function, fs,FIR. Hence the
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operation of the FIR sampler resembles the operation of a decimation FIR filter. When
sampling bandpass signals, the lower output read-out rate resulting from the decimation-
like FIR filtering operation can be used for downconversion (i.e. subsampling from the
bandpass input signal point of view). As discussed in Section 3.3, sampling the output of a
charge-domain sampler with the elementary 1st-order sinc-type (sinc1) bandpass FIR
response at a rate fs= fs,FIR/N results in an optimal placement of the transmission zeros of
the FIR function for built-in anti-aliasing filtering. To simultaneously reserve time for
output read-out and resetting, and for opamp settling in an active integrator based
implementation, time-interleaved operation is required in the elementary sinc1 sampler. To
achieve optimal anti-aliasing filtering effect with more advanced FIR filtering functions,
however, the pipelined and time-interleaved sampling operation described in Paper VII is
generally required. This is clarified in Fig. 24, which presents timing diagrams and tap
coefficients for an FIR sampler with an elementary bandpass sinc1 response (Fig. 24 (a))
and for an FIR sampler with an advanced second-order bandpass sinc-type (sinc2) response
(Fig. 24 (b) and (c)), the latter having two coincident transmission zeros placed on top of
the unwanted multiples of fs. 

 The length of the impulse response for the sinc1 FIR function in the example is N1=4
samples, which is equal to the output sampling period Ts=4Tf required for optimal

Fig. 24.  (a) Timing diagram of a bandpass sinc1-type FIR sampler with time-
interleaved sampling operation. (b) Timing diagram of a bandpass sinc2-type FIR
sampler with time-interleaved sampling operation. Pipelining is not used. (c) Timing
diagram of a bandpass sinc2-type FIR sampler with time-interleaved and pipelined
sampling operation.
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placement of the FIR transmission zeros. The impulse response for the FIR function
realizing the sinc2 response with similarly-placed transmission zeros, obtained by
convolution of two 4-tap sinc1 impulse responses, has a length of N2=7 samples. To achieve
optimal placement of the transmission zeros from an anti-aliasing filtering point of view,
however, the output of the sampler with a sinc2 FIR filtering response has to be sampled at
the same rate as that of the sampler with the sinc1 FIR function, i.e. fs=fs,FIR/N1=fs,FIR/4.
Therefore a minimum of two parallel simultaneously integrating charge-sampling stages is
needed in time-interleaved operation, as shown by the timing diagram of Fig. 24 (b). As a
drawback, in the sampling arrangement of Fig. 24 (b), only one FIR filter sampling period
Tf is reserved for output read-out and resetting of the time-interleaved integrator stages. To
increase the time for integrator output read-out and sampling capacitor discharging, the
pipelined1) and time-interleaved sampling operation can be used with a third integrator
stage included in parallel. The timing diagram for such a sampler is shown in Fig. 24 (c)
(for a more detailed description of the time-interleaved and pipelined sampling operation,
see Paper VII). The use of an additional integrator unit in pipelined operation allows five
Tf s for output sampling and resetting for each integrator. In general it can be concluded that
for a charge-domain sampler with a built-in Lth-order sinc-type (i.e. sincL) FIR response, a
minimum of L parallel integrator stages will be needed to achieve optimal placement of the
transmission zeros in an anti-aliasing filtering sense.

Inspection of Fig. 24 (b) reveals the two important requirements that have to be fulfilled
in order to enable the realization of charge-domain sampling circuits with advanced FIR
anti-aliasing filtering functions: a means for weighting the integrated signal current
samples according to the required tap coefficient resolution of the target FIR impulse
response, and a plurality of parallel integrator stages in time-interleaved (and possibly
pipelined) sampling operation in order to achieve optimal anti-aliasing filtering
performance. Furthermore, to allow digital programmability of the sampler’s FIR response,
the signal current weighting method should possess simple digital controllability. The
weighting of integrated signal samples can be performed prior to front-end V-I conversion
with a passive resistor network, as proposed in [38], while weighting of the signal current
by a voltage-controlled triode-region MOS transistor operating as a resistor was suggested
in [34]. Although they perform the weighting operation properly, the above methods do not
provide simple means for implementing a digitally programmable FIR filtering response
embedded into the charge-sampling operation. A digitally programmable method of
weighting integrated signal current samples by means of parallel digitally controlled
current-mode sampling switches was presented in Paper VII. A schematic diagram of a
fully-differential current multiplier unit (CMU) with M binary-weighted current-mode
switch transistors described in Paper VII is presented in Fig. 25 (a).

1) The concept of pipelined sampling operation is used in this thesis to denote a sampling procedure
similar to the one described in Fig. 24 (c), where one out of three (or more) integrator units sequen-
tially produces a valid output sample while the others are simultaneously acquiring the next output
samples, the roles of the units being interchanged in a rotating manner.
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The binary-weighted CMU of Fig. 25 (a) comprises four switch sets, each having M
binary-weighted parallel-connected NMOS (or equivalently PMOS) current-mode
switches biased in the saturation region. In both differential signal branches the switches
controlled by the digital control word Bk[M-1:0] divert the signal current directly to the
load, whereas the switches controlled by the complement of Bk ( ) cross-couple
the input current from one differential signal path to another. The additional unit-sized
transistor Mp, connected to a fixed bias voltage equal to the on-state voltage level Von of the
clock signals, steers a constant current component directly to the load, enabling simple
realization of both even and odd tap coefficient values. The FIR tap coefficient realized by
the binary-weighted CMU of Fig. 25 (a) for the integration interval k can be calculated as

(51)

where bk[i] denotes the ith bit of the M-bit tap coefficient control word Bk[M-1:0]. The M-
bit fully differential binary-weighted CMU allows realization of 2M FIR tap coefficient
levels out of the set (1/2M-1)⋅[-2M-1+1,...,-1,0,+1,...,+2M-1], whereas a CMU with
thermometer-(unity-)weighted switches and an M-bit thermometer-code control word (see
Fig. 2 of Paper VII) would enable implementation of only M+1 tap levels. Hence the best
tap coefficient resolution with minimum circuit complexity is achieved with the proposed
technique by using binary-weighted switches to weight the signal current samples.

Although the proposed current weighting method ideally provides a relatively good FIR
tap coefficient resolution with a sufficiently low circuit complexity and is well suited for
high-frequency operation due to its digitally-controlled Gilbert cell-like structure,
straightforward use of the technique has some drawbacks which are not discussed in Paper
VII. Since the clock signals Bk[M-1:0] controlling the current-mode MOS switches of the
CMU cannot swing fully between the positive and negative supply rails in order to keep the
switches in the saturation region, the design of the clock signal drivers may be somewhat
complicated. Furthermore, the use of binary-weighted switching transistors in the CMU
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can result in markedly different capacitive load seen by the clock signal drivers for the MSB
(bk[M-1]) and LSB (bk[0]) of the clock control word. In practice, the different loads
translate into deviating rise and fall times for the MSBs and LSBs of Bk, as depicted in Fig.
25 (b). The non-idealities of the clock signals will result in deterioration of the sampler’s
FIR filtering response. As brute force methods for improving the current-weighting
accuracy of the binary-weighted CMU, either the drive capability of the clock signal drivers
for different bits of Bk could be scaled proportionally to their load, or dummy MOS
transistor gates could be inserted into the output of the LSB clock drivers to obtain an equal
fixed capacitive load for all bits of Bk. Both remedies nevertheless result in increased circuit
complexity and power dissipation. Note that in a CMU with thermometer-weighted
switches, the clock signal drivers for different bits of Bk all inherently have an equal
capacitive load at all times.

Another problem with the simple CMU is matching of its binary-weighted switching
transistors. Any mismatches in the current-mode switch transistors will lead to deviation in
the absolute values of the FIR tap coefficients and therefore to deterioration in the
sampler’s FIR filtering response. In addition, since the dc bias current at the output of the
CMU is the sum of the dc current components drawn through the CMU’s active switch
transistors, transistor mismatches will result in the formation of a dc offset current between
the positive and negative branches of the CMU. The dc bias current seen at the output of
the CMU is integrated into a dc offset signal at the output of the sampler, which, as with
direct conversion receivers employing CT mixers [46], can be especially harmful if the
sampler is used for direct downconversion to baseband by subsampling.

To illustrate the effects of tap coefficient mismatches on the amplitude response of a
charge-domain sampler with an advanced FIR filtering function, Fig. 26 (a) presents the
ideal and average mismatched complex magnitude responses of the example 50-MHz IF
sampler configuration with a 22-tap complex bandpass sinc3-type FIR function presented
in Paper VII. The mismatched amplitude response in the figure is obtained as an average of
100 Matlab-simulated mismatched amplitude responses, assuming that the mismatches of
the binary-weighted signal current components drawn through the CMU’s binary-weighted
switch transistors are normally (Gaussian) distributed frequency-independent random
variables. Moreover, it is assumed that the matching of the binary-weighted MOS
transistors, and thereby their binary-weighted sub-currents, is proportional to the transistor
area1) by  as shown in [48]. That is, if the relative mismatch of the current
component through a minimum-sized transistor controlled by the LSB bit bk[0] is σi0/i0,
for example, the relative mismatch for the current through a transistor controlled by the
LSB+1 bit bk[1] will be σi1/i1= σi0/i0. The relative mismatch for the LSB current
component σi0/i0 in the figure is 1 %. 

It can be seen that the mismatches especially affect the suppression around the notches
of the sinc3 response, and thus the achievable built-in anti-aliasing attenuation of the
sampler, whereas the response around the passband (fc=50 MHz) remains quite accurate
despite the mismatches. Note that the notches of the lowpass sinc response due to current
integration at multiples of 1/Ti=100 MHz are ideally unaffected by the tap coefficient
mismatch as long as the average integration time for each current sample is Ti and the

1) In practice, the current mismatch of a pair of MOS transistors also depends on the bias point and
the physical distance between the transistors [47].

1 W L⋅⁄

0.5
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integrator time constant is large compared with this. 
To characterize the effects of mismatches on the achievable anti-aliasing attenuation,

Fig. 26 (b) presents the Matlab-simulated average attenuation at the notch closest to the
passband fc of the sampler at f=25 MHz and around the image band at f=-fc=-50 MHz as a
function of the relative current mismatch σi0/i0 of the CMU’s LSB switch transistor. The
decrease in average attenuation at both notches is inversely proportional to the relative
mismatch. For an average suppression of 60 dB at f=25 MHz, a matching accuracy of
around 1-% is required for the LSB current component. The achievable image band
rejection can be seen to be much more sensitive to mismatches, requiring a matching of 0.3-
% for a 60-dB average IMR. Monte Carlo simulations of the 0.35-μm CMOS process used
in the design of the sampler presented in Paper VII show that an LSB current component
matching of σi0/i0≈14.3-% is achievable with the minimum LSB unit switch size used
(W/L=0.8μm/0.35μm) under the given bias conditions. The matching can be improved by
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increasing the area of the current-weighting unit switch transistors of the CMU. Note,
however, that with a binary-weighted CMU, increasing the size of the unit transistor places
even more stringent requirements on the drive capability of the clock circuitry controlling
the switches.

The shortcomings of the simple binary-weighted CMU of Fig. 25 (a) can be alleviated
by separating its merged current weighting and switching operations. A half-circuit
schematic diagram for a fully-differential current splitting and weighting circuit with
separate triode-region NMOS current-steering switches (Msw) at the output is presented in
Fig. 27 (a). As with the CMU, the input current is split into M binary-weighted sub-currents
iop[M-1:0] with M binary-weighted current-splitting transistors (Mcs) biased in the
saturation region. In contrast to the CMU, however, the gates of the binary-weighted
transistors Mcs are not switched but are merely connected to a fixed bias voltage Vbias. To
improve the linearity and matching of the current splitter unit, additional binary-weighted
degeneration resistors can be used at the sources of the current-splitting transistors. Note
that binary-weighted MOS transistors biased deep in the triode-region can also be used as
degeneration resistors to achieve a smaller circuit area for a given resistance. The M equal-
sized triode-region NMOS switches Msw at the outputs of the current-splitting transistors
either divert the sub-currents iop[M-1:0] directly to the output node of the positive branch
ioutp, or cross couple them from the positive branch to the negative branch (and vice versa)
according to the coefficient control word Bk[M-1:0] and its complement . The
output current of the current splitting and weighting cell is obtained as the sum of the
individual sub-currents, resulting ideally in multiplication of the input signal current by an
FIR tap coefficient hk, as given by (51).

The circuit of Fig. 27 (a) provides several advantages over the simple binary-weighted
CMU of Fig. 25 (a), especially if M is large. Since the triode-region current-steering
switches at the outputs of the current-splitting transistors are all equally sized, the clock
signal drivers for different bits of Bk[M-1:0] all see an equal capacitive load at all times.
Switching the clock signals of Bk[M-1:0] fully between the negative and positive power
supply rails further simplifies the design of the clock control circuitry. The use of additional
switching transistors also allows the area of the current-splitting saturation-region
transistors to be increased for improved matching without imposing any additional
demands on the clock drivers. Furthermore, if pipelined and time-interleaved sampling
operation is employed (see Fig. 3 in Paper VII), the triode-region switches at the outputs of
the current splitter can simultaneously be used to control the binary-weighted sub-currents
and to sequentially “rotate” the output currents of several parallel current splitter units to
the inputs of different active integrator units in order to perform the pipelining. It should be
noted that in order to achieve accurate binary-weighted sub-currents with the proposed
current splitter unit, the impedance seen at the output of the current-splitting transistors Mcs
has to be kept relatively low. Thus the on-resistance of the triode-region NMOS switches
Msw connecting to a virtual ground node (i.e. to input of an active integrator unit, for
example) must be relatively small.

Based on the same current-division principle, it is also possible to realize the current
splitting operation within the front-end Gm cell described in Paper IV. A half-circuit
schematic diagram of a pseudo-differential regulated cascode-(RGC-)based
transconductance front-end that combines both linear V-I conversion and current splitting/
weighting functions into one circuit block is shown in Fig. 27 (b). In this circuit a negative

Bk M 1:0–[ ]
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feedback amplifier with gain A is used to regulate the voltage swing at the sources of the
binary-weighted current-splitting NMOS transistors (Mcs). The input voltage is
transformed to a linear signal current iinp in the input resistance Rin connected between the
input (Vinp) and source (Vsp) nodes, and is further split into M binary-weighted sub-currents
iop[M-1:0] in the M parallel binary-weighted NMOS transistors, the gates of which are
controlled by the same negative feedback amplifier. It should be noted that the input current
iinp of the RGC cell can also be fed in directly from a high-impedance output node of a
previous current-mode circuit stage, in which case the current splitter unit acts in practice
merely as a current buffer stage. As in the case of the open-loop-based current splitter unit
of Fig. 27 (a), additional equal-sized triode-region switches Msw at the outputs of the
current-splitting transistors can be used to weight the split sub-currents according to
Bk[M-1:0] and its complement.

Fig. 27.  (a) Half-circuit schematic diagram of a fully-differential M-bit binary-
weighted current splitter unit with triode-region switches at the output. (b) Half-
circuit schematic diagram of a fully-differential M-bit binary-weighted regulated
cascode based Gm cell/current splitter unit with triode-region switches at the output.

(a)

(b)

M
inp

op
2

i
]0[i ≈

1-M
inp

op
2

i
]1[i ≈

2

i
]1M[i inp

op ≈−

s

s

L

W

s

s

L

2W

s

s
1-M

L

W2

bk[1] bk[1] bk[0] bk[0]bk[Μ−1] bk[Μ−1]

Vbias

iinp

On saturation
region

s

s

L

W

Vdd

To output node ioutn
of negative branch

From switches
of negative branch

Current splitter

ioutp (To virtual ground)

Msw

Mcs

deg
1-M R2 deg2R degR degR

M
inp

op
2

i
]0[i ≈

1-M
inp

op
2

i
]1[i ≈

2

i
]1M[i inp

op ≈−

s

s

L

W

s

s

L

2W

s

s
1-M

L

W2

bk[1] bk[1] bk[0] bk[0]bk[Μ−1] bk[Μ−1]

Vbias

iinp

s

s

L

W

Vdd

ioutp (To virtual ground)

To output node ioutn
of negative branch

From switches
of negative branch

A

Vinp

RinCac

Ibias

RGC-based
current splitter

Vsp

Mcs

Msw



70
The RGC-based current splitter unit retains all the advantages of the open-loop-based
current splitter cell of Fig. 27 (a). Like the degeneration resistors used for linearization of
the open-loop current splitter, the negative feedback loop linearizes the operation of the
current splitting transistors in the RGC-based current splitter unit. As a drawback, however,
the use of negative feedback may limit the maximum usable operation frequency of the
RGC-based cell. As indicated by the linearity analysis presented in Paper IV, to achieve
high linearity at high frequencies, the total gate-to-source (Cgs) capacitance of the parallel
binary-weighted current-splitting transistors Mcs in the regulating feedback loop has to be
kept small. On the other hand, to minimize the deterioration in the sampler’s FIR response
due to mismatches, the area of the transistors Mcs should be increased, which thereby
creates a design trade-off situation in high-frequency operation.



5 Discussion

Although the technique of signal acquisition by charge integration was already being used
in the 1980’s in the context of charge-sensitive amplifiers for signal detection and read-out
(see [49],[50]), the technique has only recently been adopted for high-frequency signal
sampling in telecommunication applications. One of the first realizations of integrating
charge-sampling circuits for the purpose of implementing sample-and-hold operation was
presented in 1995 by Carley et al. [33]. The circuit achieved a 100-MS/s sampling rate with
a total harmonic distortion (THD) of -48 dB (0.4-%) for a 0.8-V input signal. In [51], a 160
MS/s charge-domain gated-gm sampler core based on a special CCD technology with a high
SFDR of 72 dB for a 320.25-MHz input signal was introduced. A 500 MS/s integrating
charge-sampling circuit in 0.25-μm CMOS with a 42-dB dynamic range at 250 MHz was
demonstrated by G. Xu and J. Yuan in [52]. It is worth noting that G. Xu and J. Yuan have
also presented theoretical analysis of the performance of the charge-sampling method
[20],[53], which partially overlaps with some of the theoretical analysis presented in this
thesis and was published while the present work was in progress. The aim here has been to
address the use of the charge-domain sampling technique for integrating embedded anti-
aliasing filtering functions into high-frequency signal sampling.

Theoretical work on incorporating anti-aliasing filtering into signal sampling by
weighted integration has been presented earlier [54], but there have been only a few
practical circuit-level realizations of charge-domain samplers with embedded FIR filtering
capabilities demonstrated to date. A first-round prototype circuit for the quadrature IF
sampler described in detail in Paper VI was presented by the author and his colleagues in
2000 [42]. A SFDR of 56 dB was measured for a 45-MHz IF input signal in the 0.8-μm
BiCMOS realization. In [38], multiple weighted current integration was used for realizing
a lowpass FIR filter in a 0.35-μm CMOS process, giving a SFDR of 35 dB at a 62.5 MS/s
sampling rate. The circuit implementations presented in Papers V and VI of this thesis
demonstrate the feasibility of fully-differential and pseudo-differential active integrator
based elementary charge-domain FIR sampler realizations for IF sampling in CMOS and
BiCMOS technologies, respectively. The measured 66-dB SFDR for a 100-MHz input
signal in the 0.35-μm CMOS FIR sampler appears to be well comparable with other
published CMOS charge-domain sampler realizations, and also with voltage-domain
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sampling circuits based on a similar technology. A recently presented 0.13-μm CMOS
discrete-time Bluetooth receiver which employs a charge-domain sampler with a 1st-order
sinc type FIR response as its downconverting front-end manifests the capability of the
technique in direct RF signal sampling [35].

Apart from using charge-domain sampling, it is also possible to integrate FIR filtering
into sampling by other, more conventional analogue signal processing and sampling
techniques. Real-valued voltage-domain SC-based FIR filtering was used for baseband
sampling e.g. in [55] and [56], for example, and for decimating downconversion in IF
sampling in [57]. Voltage-domain sampling has also been used for complex-valued FIR and
image rejection filtering [58],[59], and more recently for direct RF sampling with
combined decimation FIR filtering at IF [60]. A programmable FIR filter based on current
signal sampling was presented in [61]. Although all the above sampling techniques can be
used to implement the same FIR filtering functions, it is difficult to make a fair general
comparison between them due to the lack of existing circuit implementations targeted for
specific applications. Operation in the charge domain can provide some benefits, however,
especially in high-frequency signal sampling. 

By contrast with direct sampling of voltage signals, where the RC time constant of the
sampling loop must be small for accurate tracking of a high-frequency input signal, the time
constant of the integrating sampling loop in charge-sampling circuits is deliberately
designed to be large. Hence their bandwidth is determined merely by the integration time,
or in the case of an FIR sampler by the sampler’s embedded FIR filtering response, which
allows a great degree of freedom in selecting the sampling capacitance without limiting the
bandwidth of the sampler. The “current mode” sampling operation of charge-sampling
circuits can also be used to achieve high speed, accurate switching. By biasing the sampling
switches of the sampler with a constant dc current, and possibly further connecting their
drains to a virtual ground node at the input of an active integrator stage (see Paper VI), the
switches are effectively steering the signal current to different locations (virtual grounds)
according to the sampling clock signal, which allows the distortion by the switches to be
minimized without the need for special switching arrangements such as clock signal
boosting. In fact, the clock signals controlling the current-steering switches need not be
driven rail-to-rail to achieve a relatively low distortion, which relaxes the requirements for
the clock signal drivers in very high-frequency operation. In addition, since the clock
signals for charge-sampling circuits need not be non-overlapping, the design of the
sampling clock signals is further relaxed. As a drawback, the direct realization of the charge
sampling operation necessitates an additional clock phase for discharging the sampling
capacitor, which limits the maximum sampling rate of an elementary integrating charge
sampler unless time-interleaved sampling operation is used. It is possible to avoid
discharging the integration capacitor in some cases, however, by using the special sampling
arrangements presented in Paper VI, [35] and [52].

As a specific comparison example, the straightforward implementation of an N-tap 1st-
order sinc-type FIR filtering function with voltage-domain SC techniques in high-
frequency IF sampling requires the use of a minimum of N parallel signal sampling paths
with separate clock phases, sampling switches and sampling capacitors [57], whereas all
that is needed for a passive integrator based N-tap charge-domain FIR sampler is a single
clock signal, sampling switch and integrating capacitor. Different from the voltage-domain
realization, since the N successive current samples are all integrated into the same sampling
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capacitor, the accuracy of the FIR response realized with charge-domain sampling is
insensitive to mismatches in capacitor size, and assuming that the time constant of the
integrator is large, is determined mostly by the accuracy of the single sampling clock signal.
Due to the need for a high-linearity, low-noise front-end transconductance cell, the power
dissipation of the charge-domain FIR sampler can be somewhat higher than that of the
voltage-domain realization. It should be noted, however, that V-I conversion can be
combined with the front-end low noise amplification that is needed in any case in direct RF
sampling to simultaneously minimize the power consumption and noise contribution of the
sampler front-end [35].

As discussed in Chapter 2 and in [10] and [57], for example, the minimum sampled
output noise in a simple voltage-domain sampling circuit is usually limited by the kT/C
noise, which in high frequency sampling is constrained by the selection of an appropriately
small sampling capacitance to achieve the required sampling bandwidth. As a consequence,
the condition for achieving acceptable noise performance in voltage-domain subsampling
translates into a need for a relatively high front-end sampling frequency in order to spread
the sampled noise over a larger Nyquist bandwidth, thereby resulting in practice in a high
OSR for the bandpass input signal. However, since a much lower sampling frequency is
desired for the signal processing blocks following the sampler, some form of decimation
with adequate anti-aliasing filtering must be used to reduce the sampling rate of the front-
end voltage-domain sampler [57],[60].

The operation of a charge-domain sampler with an embedded bandpass FIR filtering
function is not entirely different from that of a high-frequency voltage-sampling circuit.
The proper realization of the built-in bandpass-type anti-aliasing filtering response at a high
center frequency by the charge-domain sampling method also necessitates use of a high
sampling frequency in the sampler’s embedded FIR filtering function. Hence the input
signal can be thought of initially as being sampled directly from the bandpass center
frequency at IF or RF [35]. The efficient anti-aliasing FIR filtering achieved simply by
multiple current sampling at a high rate nevertheless allows the output of the sampler to be
decimatively read out, or subsampled from the input signal point of view, at a lower rate
without resulting in degradation of its dynamic range due to aliasing of noise and
interference on top of the desired signal. The inherently lower output read-out rate of the
charge-domain FIR sampler provides the necessary signal downconversion and sample-
and-hold operations needed for relieving the bandwidth and power dissipation
requirements for subsequent discrete-time circuits in a receiver.

Although a high front-end sampling frequency is generally required for successful
realization of subsampling downconversion with high dynamic range, the technological
move towards deep-submicron CMOS processes inherently benefits the design of high-
frequency sampling circuits [62]. The minimization of parasitic capacitances due to the
smaller transistor feature size enables markedly faster sampling clock signal edges, and
thereby improved switching, to be achieved. Moreover, due to the reduced power supply
voltage allowed by the processes, the time-domain resolution of digital deep-submicron
CMOS technologies is superior to their analogue signal amplitude resolution [5], which
enables the implementation of accurate sampling clock signals controlled by a complex
digital control sequence at very high clock frequencies. Apart from the front-end sampling,
the improved timing resolution can also be exploited for realizing the A/D conversion at a
high speed and OSR to achieve an adequate SNR despite the reduced signal swing. In
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addition to performing downconversion with integrated anti-aliasing and image-rejection
filtering, a charge-domain sampler with an advanced built-in FIR filtering response, and
possibly with an incorporated one-pole SC IIR filtering section as described in Paper VI,
may provide a sufficient amount of the required channel selection filtering to relieve the
dynamic range requirements for a high-speed A/D converter, thereby facilitating the
implementation of a highly integrated receiver structure suitable for integration in a deep-
submicron CMOS technology.



6 Conclusions

The aim of this thesis has been to investigate and implement methods of combining filtering
with the sampling of high-frequency signals, the focus being on the integration of anti-
aliasing and image-rejection filtering into subsampling downconversion operation to
alleviate the requirements for additional front-end filters when used in a radio receiver. Due
to the inherent aliasing behaviour of wideband noise in subsampling and the difficulty of
implementing appropriate bandpass anti-aliasing filtering at high frequencies, it is essential
to increase the selectivity of elementary subsampling downconversion circuits in order to
achieve acceptable noise and dynamic range performance, especially if high subsampling
ratios are desired in order to lower the operating frequency and power dissipation of the
subsequent signal processing circuits in a radio receiver chain.

The charge-domain sampling technique studied here enables simple integration of both
continuous and discrete-time filtering functions into high-frequency signal sampling. The
analysis of an elementary integrating charge-sampling circuit shows that the continuous-
time lowpass sinc response resulting from integration of the signal current within a time
window can already be utilized to provide an efficient anti-aliasing filtering response in the
sampling of baseband signals by designing the integrator time constant to be large
compared with the integration time. Weighted integration of several successive current
samples can be further used to obtain an embedded discrete-time bandpass FIR filtering
response, which is beneficial in the downconversion of bandpass signals by subsampling.
Integration of the elementary 1st-order bandpass sinc-type FIR filtering function into high-
frequency signal sampling can be achieved by the multiple charge-domain sampling
technique with simple circuit-level implementation, resulting in an accurate anti-aliasing
filtering response which is to a great extent insensitive to circuit mismatches and other non-
idealities. In addition to effectively suppressing strong interferers situated around the
unwanted multiples of the output subsampling frequency, an elementary complex bandpass
sinc response can also be used for built-in image-rejection filtering in order to allow
quadrature downconversion by subsampling.

The noise performance of elementary charge-domain sampling circuits is analysed in the
thesis in detail. The analysis of the elementary charge-domain bandpass sampler with a 1st-
order sinc-type FIR filtering response shows that improving the selectivity of its built-in
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FIR response by increasing the number of current samples integrated within the sampling
cycle improves the output SNR of the sampler despite the resulting lower output
subsampling frequency. With a proper design of the front-end transconductance cell and
sensible selection of the sampling capacitance, the overall noise figure for the charge-
domain FIR sampler can be designed low while simultaneously achieving a low output
sampling rate which is beneficial for minimizing the operating frequency and power
dissipation of the circuit blocks following the sampler. The sampling clock jitter analysis
for charge-domain sampling circuits presented here indicates that by using gated
integration of the current for signal sampling, a 3-dB improvement in output SNR due to
timing jitter relative to direct voltage signal sampling is ideally achievable, provided that
the timing jitter is not correlated. The analysis also shows that the output SNR due to
random timing jitter can be further improved by adopting the multiple charge-domain
sampling method.

New methods for increasing the selectivity of elementary charge-domain sampling
circuits are introduced in the thesis. The improved selectivity already achieved at the high
frequency signal sampling level can markedly relieve the requirements for additional anti-
aliasing, image rejection and possible even channel selection filters in a receiver chain. The
method of using ΔΣ-quantized FIR tap coefficients proposed here enables the passband
selectivity of the elementary charge-domain FIR sampler with simple tap coefficients ±1,
±j and 0 to be increased merely by modifying the sampler’s clock control circuitry. To
improve the out-of-band suppression of the charge-domain sampler, the ΔΣ tap coefficient
quantization can be further combined with the current weighting technique presented here,
which allows a significant increase in the usable FIR tap coefficient resolution. Moreover,
use of the proposed current splitting and weighting method with pipelined/time-interleaved
sampling operation enables the integration of advanced FIR anti-aliasing filtering
functions, such as the 3rd-order bandpass sinc type response demonstrated here, into high-
frequency signal sampling. The improved built-in anti-aliasing filtering capability in turn
allows the output read-out, and thereby the output subsampling rate, of the front-end
charge-domain sampler to be lowered, in order to further relieve the operation frequency
requirements of subsequent discrete-time circuits. In addition to increasing the selectivity
of the sampler, the FIR filtering response achieved by the proposed technique possesses
simple digital controllability, thereby facilitating its use in multi-standard radio receivers
requiring extensive digital programmability.

Two circuit-level IF sampler implementations are presented in the thesis to demonstrate
the feasibility of the charge-domain sampling technique for built-in anti-aliasing and
image-rejection filtering in IF signal quadrature downconversion by subsampling. The
measurements performed on circuits realized in 0.8-μm BiCMOS and 0.35-μm CMOS
processes reveal that integration of FIR filtering into bandpass signal sampling and
downconversion by the multiple charge-domain sampling method results in an accurate
frequency response and enables the use of high subsampling ratios while still retaining an
acceptable noise performance and output SNR. Furthermore, the measured results of the
0.35-μm CMOS sampler show performance to be well comparable with the results
achieved with other published CMOS IF sampler realizations in the same technology using
more conventional sampling methods. 
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Appendix 1

The time-domain current signals of the elementary integrating charge-sampling circuit
during the current integration period Ti are shown in Fig. A1.1.

The sinusoidal input signal current of the sampler Iin(t)=GmVin(t)=Gmcos(ωt) is “gated” by
the integration clock signal pint, resulting in the pulsed input signal current iint(t), which is
integrated into the sampling capacitor Cs of the back-end integrator stage of the sampler.
Assuming that the sampling capacitor of the integrator is initially fully discharged, the
output voltage of the sampler during the integration interval can be calculated in the s-
domain as a multiplication of the Laplace transform of iint(t) by the CT s-domain transfer
function of the integrator stage including the circuit non-idealities:

(A1.1)

where, for the active integrator based sampler with one dominant time constant τ, 

(A1.2)

Calculation of the Laplace transform of the “pulsed” sinusoidal current signal with angular
frequency ω during Ti yields

Fig. A1.1.  Time-domain signals of the integrating charge-sampling circuit.
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(A1.3)

where t0=nTs-Ti is the beginning of the nth integration interval. The time-domain output
voltage of the sampler during Ti can be evaluated by calculating the inverse Laplace
transform of (A1.1), which gives 

(A1.4)

where u(t-t0) is the unit step function. The time-domain output voltage at the end of the
integration interval for the nth output sample can be evaluated by setting t=nTs and
t0=nTs-Ti in (A1.4), which yields

(A1.5)

Note that the instantaneous output voltage of the sampler depends on the relation of the
phase of the sinusoidal input signal to the sampling moment nTs. Eq. (A1.5) can be
simplified to a general form of a sampled sinusoidal signal 

(A1.6)

where the amplitude of the sampled sinusoidal output signal as a function of angular input
frequency ω can be written as

(A1.7)

and the phase of the sampled sinusoidal output signal as

(A1.8)
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Appendix 2

The non-ideal signal gain at the notch of the bandpass sinc FIR filtering response closest to
the passband of the sampler at f=fc-fs,FIR/N is

(A2.1)

The non-ideal signal gain at the center frequency fc=1/(2Ti) of the bandpass sinc FIR filter-
ing response is 

(A2.2)
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