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Abstract
This thesis describes the development of low-voltage, low-power circuit blocks and structures for
portable, battery-operated applications such as heart rate detectors, pacemakers and hearing-aid
devices. In this work, the definition for low supply voltage operation is a voltage equal to or less
than the minimum supply voltage needed to operate an analogue switch, i.e. VDD(min) ≤ 2VT + Vov,
which enables the use of a single cell battery whose polar voltage is 1 – 1.5 V. The targeted power
consumption is in a range of microwatts.
The design restrictions for analogue circuit design caused by the low supply voltage
requirement of the latest and future CMOS process technologies were considered and a few circuit
blocks, namely two operational amplifiers, a Gm–C filter and a bandgap voltage reference circuit,
were first designed to investigate their feasibility for the above-mentioned low-voltage and lowpower environment. Two operational amplifiers with the same target specifications were designed
with two different types of input stages, i.e. a floating-gate and a bulk-driven input stage, in order
to compare their properties. Based on the experiences collected from the designed circuit blocks,
an analogue CMOS preprocessing stage for a heart rate detector and a self-calibrating RC
oscillator for clock and resistive/capacitive sensor applications were designed, manufactured and
tested.
The analogue preprocessing stage for a heart rate detector includes a continuous-time offsetcompensated preamplifier with a gain of 40 dB, an 8th-order switched-opamp switched-capacitor
bandpass filter, a 32-kHz crystal oscillator and a bias circuit, and it achieves the required
performance with a supply voltage range of 1.0 – 1.8 V and a current consumption of 3 μA. The
self-calibrating RC oscillator operates with supply voltages of 1.2 – 3.0 V and achieves a tunable
frequency range of 0.2 – 150 MHz with a total accuracy of ±1% within a supply voltage range of
1.2 – 1.5 V, a temperature range from -20 to 60 °C and a current consumption of less than 70 μA
@ 5 MHz with external high precision resistor and capacitor.
The measurement results prove that the developed low-voltage low-power analogue circuit
structures can achieve the required performance and therefore be successfully implemented with
modern CMOS process technologies with limited supply voltages.

Keywords: analogue circuits, heart rate detector, low-power, low-voltage, RC oscillator

Lasanen, Kimmo, Integroituja analogisia CMOS-piirejä ja -rakenteita sydämen
sykkeen mittaukseen ja muihin matalan käyttöjännitteen pienitehoisiin
sovelluksiin.
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Tiivistelmä
Tämä väitöskirja käsittelee matalan käyttöjännitteen pienitehoisten piirirakenteiden kehittämistä
kannettaviin, paristokäyttöisiin sovelluksiin kuten esimerkiksi sykemittareihin, sydämen
tahdistimiin ja kuulolaitteisiin. Matalalla käyttöjännitteellä tarkoitetaan jännitettä, joka on
pienempi tai yhtäsuuri kuin analogisen kytkimen tarvitsema pienin mahdollinen käyttöjännite,
VDD(min) ≤ 2VT + Vov, joka mahdollistaa piirin toiminnan yhdellä paristolla, jonka napajännite on
1 – 1,5 V. Tavoiteltu tehonkulutus on mikrowattiluokkaa.
Piirirakenteiden suunnittelussa otettiin huomioon viimeisimpien ja lähitulevaisuuden CMOSvalmistusteknologioiden aiheuttamat matalan käyttöjännitteen erityisvaatimukset ja niiden pohjalta kehitettiin aluksi kaksi erilaista operaatiovahvistinta, GmC-suodatin, ja bandgap-jännitereferenssi. Operaatiovahvistimet toteutettiin samoin tavoitevaatimuksin kahdella eri tekniikalla
käyttäen toisen vahvistimen tuloasteessa ns. kelluvahilaisia tulotransistoreita ja toisen tuloasteessa ns. allasohjattuja tulotransistoreita. Kehitetyistä rakenteista saatujen kokemusten pohjalta
suunniteltiin, valmistettiin ja testattiin kaksi erilaista CMOS-teknologialla toteutettua mikropiiriä, jotka olivat analoginen esikäsittelypiiri sydämen sykkeen mittaukseen ja itsekalibroiva RCoskillaattori resistiivisiin/kapasitiivisiin sensorisovelluksiin.
Sydämen sykkeen esikäsittelypiiri sisältää jatkuva-aikaisen, offset-kompensoidun esivahvistimen, jonka vahvistus on 40 dB, kytketyistä kapasitansseista ja kytketyistä operaatiovahvistimista koostuvan kahdeksannen asteen kaistanpäästösuodattimen, 32 kHz kideoskillaattorin ja
bias-piirin. Esikäsittelypiiri saavuttaa vaadittavan suorituskyvyn 1,0 – 1,8 V käyttöjännitteellä ja
3 μA virrankulutuksella. Itsekalibroivan RC-oskillaattorin käyttöjännitealue puolestaan on 1,2 –
3,0 V ja käyttökelpoinen taajuusalue 0,2 – 150 MHz. Ulkoista tarkkuusvastusta ja kondensaattoria käytettäessä oskillaattori saavuttaa ±1 % tarkkuuden 1,2 – 1,5 V käyttöjännitteillä ja -20 – 60
°C lämpötila-alueella virrankulutuksen jäädessä alle 70 μA @ 5 MHz.
Mittaustulokset osoittavat, että kehitetyt matalan käyttöjännitteen pienitehoiset analogiset
rakenteet saavuttavat vaadittavan suorituskyvyn ja voidaan näin ollen menestyksekkäästi valmistaa moderneilla matalan käyttöjännitteen CMOS-teknologioilla.

Asiasanat: analogiapiirit, matala käyttöjännite, pienitehoinen, RC-oskillaattori,
sykemittari
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figure of merit
gain-bandwidth product
transconductor
transconductor-capacitor
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heart rate variability
integrated circuit
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input referred noise
length of a metal-oxide-semiconductor transistor
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low-power
low-voltage
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noise efficiency factor
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SoC
T
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switched-opamp
system-on-chip
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temperature coefficient
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voltage controlled oscillator
width of a metal-oxide-semiconductor transistor
wavelet transform

Av
Cox
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K
k
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N
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tD
T
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Vov
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voltage gain
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frequency of oscillation
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process constant (device characteristic constant)
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current mirror ratio
number of stages, division factor
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electron’s charge
time delay
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threshold voltage

β
φ
ΣΔ
σ
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feedback factor
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sigma-delta
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1

Introduction

1.1

Motivation and aim of the work

The main goal of this work has been to develop low-voltage (LV) and low-power
(LP) integrated, analogue CMOS structures and circuit blocks for a heart rate (HR)
meter, which is part of a personal portable sports/health watch. The aim is to be
able to realize the integrated circuits with the latest (and future) CMOS processes
with supply voltages of 1 – 1.5 V. These circuit blocks could also be used with
minor modifications in other LV/LP applications, such as pacemakers and
hearing-aid devices. Another goal of the work has been to design an accurate
LV/LP RC oscillator, which can be used both as a capacitive/resistive sensor
interface in sensor applications or as a clock circuit in discrete-time
analogue/mixed-signal applications, such as hearing-aid devices.
An HR meter is a device which measures and calculates the average amount
of heartbeats per minute. Heart rate is one of the four primary vital signs used by
health professionals to evaluate health condition. The other signs are body
temperature, blood pressure and respiration rate. Although it is possible to
measure instant HR by hand, continuous electronic HR monitoring is more
convenient, for example, for controlling patients during surgeries or sleep, or for
controlling the intensity of training in sports activities, which is important when
aiming for improved fitness level or weight reduction.
Commercial electronic HR monitors have already been on the market for
about 30 years [1]. The first models were not portable, but, instead, they were
implemented as a part of an exercise device, e.g. a treadmill or an exercise bike,
which had a main unit with a display for HR and clock functions, and wired
sensors which were attached to the finger, ear or chest of a person during the
exercise. The sensor wires were considered both inconvenient and restrictive
when using the device for outdoor sports. This fact resulted in the development of
wireless HR meters which came on the market a few years later. The first wireless
models had a chest belt with a transmitter and a wristwatch-like device for
receiving and displaying the HR. The sensors and the heartbeat detection
electronics were implanted in a chest belt, which was also generating and
transmitting electrical or magnetic pulses for the receiver. The receiver counted
the pulses and displayed the average amount of heartbeats per minute.
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The basic transmitter/receiver construction of a wireless HR meter as
described above has not changed much over the years, instead the amount of
features and functions have increased tremendously. On top of basic clock and
HR measuring functions a modern sports watch includes a lot of signal processing
features, like saving heartbeat data and calculating different parameters from the
data, which can then be read and analyzed directly from the display of the device
or from a computer through a specifically designed interface and computer
program. This development has been possible because of the development of
digital techniques and process technologies and especially thanks to their
continuously decreasing device sizes and line widths, which have made it possible
to integrate more and more functions/electronics onto the same chip.
The speed of integrated circuits has increased as a result of miniaturization
and at the same time the maximum allowable supply voltage has decreased.
Reduction of the supply voltage is a result of reduced breakthrough voltages (due
to reduced oxide thicknesses) and increased leakage currents (due to shorter
channel lengths) of minimum size transistors. With the latest digital CMOS
technologies the maximum supply voltage is already limited to about 1 V and the
trend towards lower supply voltages is still continuing [2]. Low supply voltage is
especially beneficial to digital integrated CMOS circuits, since their power
consumption is proportional to the square of the supply voltage, i.e. reducing the
supply voltage to half will reduce the power consumption to a quarter from its
original value. In analogue CMOS signal processing the power consumption is
not directly related to the supply voltage but, instead, it is basically set by the
required signal-to-noise ratio (SNR) and the frequency of operation (or the
required bandwidth) [3].
Although the supply voltages of digital CMOS processes have decreased in
tandem with the miniaturization process, the same has not happened to the
threshold voltages (VT) of MOS transistors. This can be seen from Fig. 1, which
describes the present development and the predicted future development of supply
voltages and threshold voltages for MOS transistors in digital process
technologies as outlined in the International Technology Roadmap for
Semiconductors (ITRS) [2]. Scaling of the threshold voltage is problematic,
because a MOS transistor is not sharply switched off below its VT, but instead
there is a subthreshold current flowing through the transistor, which exponentially
decreases when the gate-source voltage (VGS) approaches zero. When a transistor
is switched off, the subthreshold current, i.e. a leakage current, has to be small
18
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Fig. 1. Supply voltage and threshold voltage scaling projections from the ITRS 2001–
2009 Roadmaps [2] for high performance (HP), low standby power (LSP) and low
operating power (LOP) technologies.

enough (i.e. VT large enough) to be tolerated by the design. Another fact
supporting higher threshold voltages is the wide spread of VT values for submicron technologies. The VT limitation has led to the optimization of CMOS
processes for different purposes (HP, LSP and LOP, see Fig. 1). In the worst case,
the supply voltage is only about two times larger than the threshold voltages. For
digital circuits this is still enough, but many traditional analogue circuits would
no longer be able to operate with such a low supply voltage. Therefore, it is clear
that there is a need to design new, low-voltage analogue circuit blocks that would
operate with future CMOS process technologies under the same supply voltage as
the digital circuit blocks.
The work presented in this thesis was carried out in several consecutive
(industry-supported) Tekes projects, which focused on the research and
development of analogue CMOS circuits and structures for LV/LP applications.
An analogue CMOS front-end for an HR detector and an RC oscillator for
clocking purposes and capacitive/resistive sensor applications were identified and
selected as the two main applications of this work. Although these two
applications are not directly related to each other, they still share the same LV/LP
design problematics and can make use of similar circuit blocks. Therefore, the
work was started with the design of basic analogue circuit blocks like operational
amplifiers (hereinafter called opamps), voltage references and oscillator cores,
19

which were to be used as building blocks in the higher level designs. A primary
goal was to achieve LV operation compatible with the supply voltage limitations
of future CMOS process technologies. Another goal was to minimize power
consumption of the developed circuit blocks in order to achieve long battery-life
in portable applications. As a final outcome, the two main applications, i.e. an
analogue CMOS front-end for an HR detector and an RC oscillator for clocking
purposes and capacitive/resistive sensor applications, were designed,
manufactured and tested.
1.2

Structure of the thesis

The thesis is organized as follows: the electrical characteristics of an
electrocardiogram (ECG) signal is described in Chapter 2, the latter part of which
is devoted to reviewing different ECG measurement methods and circuit
implementations, as well as introducing the general structure of a preprocessing
stage for a QRS detector. The first part of Chapter 3 presents different types of
RC oscillators and discusses their suitability for clocking and resistive/capacitive
sensor interfaces, while the latter part concentrates on their circuit
implementations. Chapter 4 highlights the circuit level LV/LP design problems
related to the designed analogue integrated circuits and presents methods for
solving them. An overview of the published papers is given in Chapter 5. Two
LV/LP circuit level implementations and their performances are discussed in
Chapter 6, the first part of which is devoted to an analogue preprocessing stage
for a heart rate detector and the second part to an RC oscillator for clock and
sensor applications. A conclusion of the presented work is given in Chapter 7.

20

2

Heart rate measurements

The operation of the heart is based on electrical waves which cause the heart
muscle to pump blood. These electrical waves, which also pass through the body,
can be measured with electrodes attached to the skin. The electrodes are made of
conductive material, like metal or graphite, and the skin-electrode contact is often
ensured using electrolytic paste. Contractions of the heart, i.e. heartbeats, are seen
as spikes in the measured electrical waveform, which is called an
electrocardiogram (ECG). Depending on the positioning of the electrodes,
different projections of the ECG can be measured. Heart rate (HR) is an average
number of heartbeats per minute and can be calculated from the spikes of the
ECG.
HR can also be measured from the radial artery pressure (blood pressure)
pulse using electroacoustical or optical sensors. An electroacoustical sensor can
be realized with a piezo-microphone [4], which converts the blood pressure pulses
into electric pulses. An optical sensor can be implemented with a light source and
a receiver for measuring the amount of transmitted or reflected light, which is
modulated by the blood pressure pulses. The modulated light signal is then
converted into an electrical signal. This method is also called a
photopletysmography (PPG) [5-9]. Because the blood pressure pulse measured
with electroacoustical or optical sensors is in the same frequency and amplitude
range as the added noise caused by motion artifacts [8, 10], the signal-to-noise
ratio (SNR) of these methods cannot be improved by using conventional
frequency selective filters. Moreover, the power consumption of optical methods
is much higher than that of electroacoustical or electrical methods. This is due to
the need for a light source, usually a light emitting diode (LED) with typical
current consumption of a few milliamperes in continuous-time (CT) mode or a
little bit less in pulsed mode. Therefore, the main stream portable/wearable HR
meters have been realized with devices based on ECG.
2.1

Characteristic of the ECG signal

A typical healthy person’s ECG, measured with two electrodes on both sides of
the chest [11], is shown in Fig. 2. The amplitude and the shape of the waveform
will vary depending on the positioning of the sensor electrodes, but there are
certain parts of the waveform which can be recognized from all normal ECGs.
These parts are named in alphabetical order as P, Q, R, S and T waves. Fig. 3 –
21

R

T
P
Q
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Fig. 2. Typical healthy person’s electrocardiograph (ECG).

SA node

AV node

Fig. 3. Electrical activity of the heart; generation of the P wave [12].

Fig. 4. Electrical activity of the heart; generation of the QRS complex [12].
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Fig. 5. Electrical activity of the heart; generation of the T wave [12].

Fig. 5 (reprinted from [12]) shows how these waves are generated. The P wave
represents atrial depolarization, where the electrical pulse starts from the
sinoatrial (SA) node and proceeds to the atrioventricular (AV) node and spreads
from the right atrium to the left atrium. The Q, R and S waves altogether form a
QRS complex which corresponds to the depolarization of the ventricles. Because
the ventricles have more muscle mass than the atriums, the QRS complex is larger
than the P wave. It is also sharper because of increased conduction velocity. The T
wave represents the repolarization of the ventricles.
With a ground-free measurement setup [11] with two electrodes on both sides
of the chest, the amplitude of the ECG can typically vary between 100 μV and 2
mV. The ECG signal also contains a DC offset voltage of up to 300 mV, which
develops across the skin-electrode interface due to an uneven distribution of
anions and cations. The cardiac signal is generally considered to contain
significant frequency components from 1 to 100 Hz, while the peak of the QRS
complex is normally found between 10 and 15 Hz [13]. The averaged power
spectra of a noiseless ECG, QRS complex and P- and T-waves (taken from [13])
are presented in Fig. 6.
Practical signal quality is also degraded by disturbances such as electrical
signals related to muscular activity (EMG), motion artifacts, variations in the
quality of the skin-electrode contacts, mains noise (50 or 60 Hz) and also inherent
signal variations, if these are large. The power spectra of muscle noise and motion
artifacts in comparison with the QRS complex and P- and T-waves (taken from
[13]) are presented in Fig. 7.
Since the QRS complex has the largest amplitude and the fastest rising and
falling times when compared to other parts of the ECG waveform (Fig. 2), it is
the easiest part to detect. As a contrast to clinical ECG measurements, in heart
rate (HR) measurements preserving the fine details of the ECG waveform is not
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Fig. 6. Averaged power spectra of ECG, QRS complex and P- and T-waves [13] © 1994
IEEE.

Fig. 7. Averaged power spectra of QRS complex, P- and T-waves, muscle noise and
motion artefacts [13] © 1994 IEEE.

as important as reliable detection of the heartbeats, i.e. the QRS complexes.
Therefore, the other parts of the ECG signal (P- and T-waves), as well as other
disturbances, should be filtered out in order to enhance the detectability of the
QRS complexes.
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2.2

QRS detection methods and implementations

A generalized structure for a QRS detector, shown in Fig. 8, is a technology-free
presentation which can be used as a starting point for any analogue or
analogue/digital (mixed-signal) realization. The structure is divided into two main
blocks, namely a preprocessing stage and a decision stage. The preprocessing
stage performs linear and/or nonlinear filtering or transformations for the ECG
signal in order to maximize the SNR of the QRS complexes. The decision stage
then compares the preprocessed ECG signal against a threshold and makes a
decision as to whether the detected event was a QRS complex or a noise peak.
The decision rule or algorithm often needs the ECG signal preprocessed in a
certain way, as this maximizes the performance of the decision stage. Therefore,
the structure of the preprocessing stage has to be chosen according to the
requirements of the selected QRS detection method.

ECG
Signal

Linear
Filtering

Nonlinear
Filtering

Preprocessing Stage

Peak
Detection

Decision
Algorithm

Decision Stage

Detected
Events

Fig. 8. General structure of a QRS detector.

A large number of different QRS detection methods have been proposed in the
literature including, for example, simple solutions based on linear filtering, peak
detectors and comparators (or pulse shapers) with a threshold [14-21], methods
including nonlinear transformations like differentiation [22-25], integration [26],
a combination of differentiation, squaring and integration [27-30], a combination
of differentiation and correlation [31, 32], methods based on optimized and
matched filtering [33, 34], adaptive methods [35-38], wavelet transform [39-46],
neural networks [47-49], combination of wavelet transform and neural-networkbased adaptive filtering [50], and quite recently proposed methods based on
mathematical morphology [51-53], voting algorithm [54], geometrical matching
[55] and modified p-spectrum [56]. Most of these methods are developed for
clinical use for finding and analyzing possible cardiac arrhythmias in real-time or
from prerecorded ECG data. This task is normally carried out with a measurement
setup consisting of an ECG preamplifier, analogue-to-digital converter (ADC)
and a computer which implements and combines the QRS detection method (and
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saving of the data) with a dedicated computer program. Therefore, these kinds of
detectors are also called as software QRS detectors [57]. An overview of and
comparison between several different detection methods is presented in [57] and
[58].
The detection methods implemented by the software QRS detectors are often
quite complex including features like calculation of the heart rate variability
(HRV) and automated classification of abnormal heartbeats from the ECG, which
makes them more suitable for stationary use in clinics for patient monitoring and
diagnostic purposes. For ambulatory use, such as for controlling the intensity of a
sporting exercise, the most important function is the real-time monitoring
capability of the user’s heart rate (HR). Therefore, the detector structure can be
simpler but it has to be optimized against motion artifacts, which are the most
dominant noise source while monitoring the HR of a moving target. Some of the
above-mentioned methods designed for portable use were implemented with
discrete components [24, 26, 29, 34] but, as expected, the lowest power
consumption and the smallest physical size is obtained with a fully integrated,
application specific integrated circuit (ASIC) [19-21, 25, 30, 33, 40, 42, 43, 45,
46]. Most of these integrated QRS detectors are based on linear filtering and peak
detection with a threshold. Some of them also include one or more nonlinear
transformations to enhance the QRS complexes. The rest of the reported solutions
are based on a wavelet transform.
There are very few fully integrated QRS detectors reported in the literature.
To the best of this author’s knowledge, the only ones also including sensor
interfaces are presented in [19-21]. The QRS detector chips presented in [19] and
[20] are intended to be used in the wireless, sensor/transmitter unit (a chest belt)
of a personal HR meter. These chips operate with supply voltages of 2.5 V – 3.3 V
and consume 30 μA (excluding the transmitter). The QRS detector chip developed
in [21] is a sensor node with a piezo-microphone sensor and a transmitter
interface, as suggested for a wireless health monitoring system. This chip operates
with a supply voltage of 0.9 V and consumes 7.5 μA in HR measurement mode.
Because the ECG signal obtained by a piezo-microphone HR sensor is much
higher than the signal obtained by electrodes (in the order of 100 mV(p-p) [59],
whereas it is typically 1-2 mV(p-p) [20]), the preamplifier can be simpler since it
does not necessarily need, for example, DC-offset compensation due to the low
need for amplification. On the other hand, the operation of a piezo-microphone
sensor is based on converting mechanical stress into electrical signals, which
26

makes it unsuitable for monitoring the HR during sporting activities because of
motion-related disturbances.
An integrated analogue signal processor (ASP) for HR extraction is proposed
in [25]. The ASP implements a robust peak detector based QRS detector, but it
needs an external preamplifier. The ASP is implemented with a 0.5 μm CMOS
process and consumes 4.5 mA from a supply of ±2 V.
The QRS detector presented in [30] is a digital system-on-chip (SoC)
realization which is implemented using standard cells from the manufacturer’s
design library. The core of the design is a hard macro cell of a 32-bit reduced
instruction set computer (RISC) with memory and bus controllers. The chip needs
an external preamplifier and an ADC. The chip is implemented with a 0.18 μm
1.8 V/3.3 V CMOS technology, but there is no information about the power
consumption.
A programmable DSP ASIC for HR measurements is presented in [33]. This
chip also needs an external preamplifier and an ADC. The chip is implemented
with a 1.0 μm CMOS technology, but neither the supply voltage nor the power
consumption has been reported.
An analogue QRS detector chip based on wavelet transform (WT) is
presented in [40]. This chip implements a WT, an absolute value circuit, a peak
detector and a comparator by means of dynamic translinear (DTL) circuit
technique [60]. The WT system has 5 parallel scales and its power consumption is
55 nW per scale from a 2-V supply. This chip is implemented with a semi-custom
bipolar IC process.
The rest of the published QRS detectors [42, 43, 45, 46] are based on digital
WT and they also need external preamplifiers and ADCs. The design presented in
[43], which is a developed version of [42], is implemented with 0.13 μm CMOS
technology with supply voltage of 1.2 V. It includes a wavelet filter bank and a
generalized likelihood ratio test with a threshold function. Estimated power
consumption based on simulations in alert and normal mode is 114 nW and 37.9
nW, respectively. The QRS detector chip presented in [45] contains a wavelet
filter bank and a multi-scale multiplier with a threshold function and it is
implemented with 0.18 μm CMOS technology. Simulated power consumption is
644.9 nW, when all wavelet filters are active and 318.4 nW in normal operation,
when half of the filters are switched off. It is worth mentioning here that over
90% of the power consumption of this chip is caused by leakage currents, which
are a serious problem with deep sub-micron technologies. The ECG signal
processor proposed in [46] includes a wavelet filter bank and denoising block
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followed by heartbeat rate prediction and classification blocks. This chip is an
SRAM-based ASIC architecture, which is realized with 0.18 μm CMOS
technology. The chip consumes 29 μW from a 1-V supply.
All of the above-mentioned QRS detectors are aimed at non-invasive
measurement of the HR, but modern implantable pacemakers, like the one
presented in [61], also include an HR measurement function. In pacemaker
applications the supply voltage is usually higher, in the order of 2.8 V, because of
the need to generate high-voltage (~ 5 V) pulses to stimulate the heart muscle (for
example, to initiate a heart-beat). The high-voltage pulse is generated with a
capacitive voltage multiplier. Because the pacemaker is implanted inside the body
of the user, the pacemaker chip has to be optimized for very low-power
consumption in order to achieve a long battery-life. Therefore, the chip proposed
in [61] is implemented with a special 0.5 μm multi-VT process, consuming only 8
μA from a 2.8-V supply. Although the structure of the QRS detector is not
presented it is presumably not compatible with very low supply voltages.
As a final note, it can be concluded that several integrated low-power (LP)
analogue/digital QRS detectors have been reported in the literature, but only a
few of them are capable of very low supply voltage operation of 1 V or less.
Moreover, none of them contains a preamplifier with adequate performance for
ECG measurements operating with 1 V or less. Since the preprocessing stage of
the QRS detector always needs an analogue interface between the ECG sensors
and the analogue or digital signal processor, it is also important to find a way to
implement that in a low-voltage (LV) environment. Therefore, this work has been
focused on developing analogue LV/LP circuit blocks and a sensor interface for
the preprocessing stage of a QRS detector.
2.3

Preprocessing stage for a QRS detector

As described in Chapter 2.2 a preprocessing stage performs linear and/or
nonlinear filtering/transformations for the ECG signal in order to maximize the
SNR of the QRS complexes (Fig. 8). A practical realization also includes an ECG
amplifier in front of the preprocessing stage. The amplifier is needed to increase a
weak ECG signal, which may vary from 100 μV to 2 mV measured with
electrodes, at a reasonable level for further processing. The next stage is either an
analogue signal processing (ASP) block or an analogue-to-digital converter (ADC)
followed by a digital signal processing (DSP) block. It is also possible to do one
part of the signal processing in analogue domain and the other part in digital
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domain. The structure of an integrated preprocessing stage with an ECG amplifier
is shown in Fig. 9.
ECG signal /
electrodes

ECG
Amplifier

ASP

Signal for the
Decision Stage

(a)
ECG signal /
electrodes

ECG
Amplifier

ASP
(optional)

Signal for the
Decision Stage
ADC

DSP

(b)
Fig. 9. (a) Analogue and (b) analogue/digital (mixed-mode) preprocessing stage
structure for a QRS detector.

Although it would be possible to implement the ECG amplifier using discrete
components [62] and the preprocessing stage with microprocessors [63-65], it
would result in larger physical size and higher power consumption when
compared to a custom-made ASIC implementation developed in this work.
Existing realizations of integrated ECG preprocessing stage structures can be
divided into two main categories, namely: 1) interfaces for implantable
pacemakers, and 2) interfaces for portable/wearable ECG/HR monitoring devices.
Although there are some very low-power designs aimed for pacemaker interfaces
[61, 66-71], they are designed for higher supply voltages ranging from 1.5 to 2.8
V, which makes them incompatible with the latest CMOS process technologies.
Also, most of the other types of recently published LP ECG/biomedical sensor
interfaces [71-81] operate with fairly high supply voltages, but there are a few
biosignal acquisition interface chips [82-86] which can also operate with a supply
of less than 1V. Therefore, the prerequisites for designing the entire integrated
QRS detector (including an ECG preamplifier, an ASP or a DSP with an ADC and
a transmitter) operating with supply voltages of 1 – 1.5 V exist.
Since the desired supply voltage range is very low, it poses many circuit level
design challenges for the analogue part of a QRS detector. The main problems are:
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1) a limited dynamic range (DR) and consequently 2) a reduced signal-to-noise
ratio (SNR) of the analogue interface connected to the ECG sensors and 3) an
insufficient drive voltage to operate all switches of conventional switched
capacitor (SC) circuits. These problems are discussed in more detail in Chapter 4.
The problems related to the limited DR and SNR of the QRS detector are
reduced to the signal swing limitations of the used opamps, and more specifically
to their input stages, which are discussed in Chapters 4.1.1 – 4.1.3. In order to
achieve an adequate DR for the QRS detector, two opamps with different types of
input stages, i.e. floating-gate (FG) and bulk-driven (BD) input stages, have been
designed and published in Papers I and II to study their possible advantages over
the opamps equipped with conventional input stages.
The problems and solutions concerning analogue switches in SC circuits are
introduced in Chapter 4.2 and the concept of a switched-opamp is presented in
Chapter 4.3. The idea behind the switched-opamp circuit is to achieve a lower
minimum supply voltage for an SC circuit by removing the need for critical series
switches from the signal path. A critical switch is a switch which needs to conduct
the whole signal swing, for example, from the output of an opamp to a sampling
capacitor. The minimum possible supply voltage for an SC circuit can be
achieved if all switches can be switched either against the positive or the negative
(usually ground) supply voltage. As a result of these studies, a whole LV/LP QRS
detector interface, including a sensor interface and a switched-opamp switchedcapacitor (SO-SC) filter, is presented in Papers VI and VII, while the design
choices, performance and future work of this design are also discussed in Chapter
6.1.
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3

RC oscillators

A low-voltage low-power (LV/LP) RC oscillator was chosen as another important
application to be developed in this work. The aim was to design an initially
accurate RC oscillator (which does not need any calibration or additional
reference) that could be used both as a capacitive/resistive sensor interface in
sensor applications or as a clock circuit in discrete-time (DT) analogue/mixedsignal designs. An RC oscillator could also be used in communication links such
as Universal Asynchronous Receiver Transmitter (UART) circuits if frequency
variation is kept within ±1%. Therefore an accuracy of ±1% is considered
adequate for the foreseen clocking purposes and the tuning/sensing range of ±1
decade enough for external circuit elements/sensors R and C. The target supply
voltage for the RC oscillator is 1 – 1.5 V, and the power consumption is in a range
of microwatts.
Traditionally RC oscillators have been used in applications like tone
generators, alarms and flashing lights where only moderate accuracy is required.
This is due to the fact that an accurate operating frequency and a small
temperature drift are much easier to realize with a crystal oscillator.
Commercially available quartz crystals and crystal oscillators can easily achieve
an initial accuracy of 10 ppm with a temperature drift of less than 0.05 ppm/°C.
Therefore, they are the most frequently used solution for time keeping and
clocking purposes. The benefits of an RC oscillator over a crystal oscillator are
the possibility of adjusting the frequency and integrating all components onto one
chip. Passive components R and C are also much cheaper than quartz crystals,
which might be a selection criterion especially in large production series. In order
to achieve a good accuracy with an RC oscillator, circuit elements R and C must
be either external precision components or trimmable integrated components. In
both cases the expected frequency accuracy and temperature drift, which are
typically within few percent, are quite modest when compared with the
performance of a crystal oscillator. However, an RC oscillator can be used as a
clock generator in many applications such as microprocessors, hearing-aid
devices, pacemakers, sensor ICs and other SoCs where extreme accuracy is not
required.
Recently, interest has grown in RC oscillators, especially in sensor
applications where either R or C is replaced with a resistive or a capacitive sensor.
With these sensors it is possible to measure, for example, pressure, temperature
and humidity [87, 88]. The idea is to convert changes in resistance or capacitance
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to changes of frequency, which is actually one kind of an analogue-to-digital
(A/D) conversion. Depending on the application, the output can be used, for
example, to adjust a process variable, as an alarm when preset threshold levels are
exceeded or by displaying a parameter value under measurement.
There are several ways to realize an RC oscillator depending on the
requirements of the application. Referring to their output, classical RC oscillators
can be divided into two main categories: linear (sine-wave) and nonlinear
(square-wave, triangular or sawtooth) oscillators. The most common topologies of
both categories are presented in the following subchapters.
3.1

Linear RC oscillators

A linear (sine-wave) RC oscillator consists of two parts made up of a tuned RC
network and an amplifier in a feedback configuration. The amplifier can be either
an opamp or a simpler amplifier stage with one or a few more transistors. The
most common linear RC oscillators, namely a phase-shift oscillator, a Wien
bridge oscillator and a Twin-T oscillator, are presented in Fig. 10.
In order to operate as an oscillator, all these circuits need to meet
Barkhausen’s criterion, which states that the loop gain at the oscillation frequency
is equal to unity and the total phase shift around the loop is zero or a multiple
integer of 2π (360°), i.e. n·2π (n·360°), where n = 0,1,2,… The operation principle
of each oscillator topology is briefly explained in the following paragraphs and a
more detailed analysis of these circuits can be found, for example, from [89].
In case of a phase-shift oscillator, the frequency of oscillation, fosc, is defined
by the time constant τ = RTCT and the number (N) of consecutive RC stages in a
feedback loop. The oscillator settles to a frequency where the total phase shift of
the loop is 0°. One part of the total phase shift is due to the inverting amplifier
(-180°) and the other part due to the RC chain (+180°) in a feedback loop. The
minimum amount of RC stages capable of producing a 180° phase shift at a finite
frequency is three. Therefore, the phase shift in case of three consecutive RC
stages is 60° per stage. For a loop gain of 1, the opamp’s gain has to be |Av| =
R2/R1 ≥ 29 and R1 must be sufficiently large, for instance R1 > 10RT, to minimize
the loading of the opamp.
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Fig. 10. Sine-wave RC oscillators: (a) a phase-shift oscillator, (b) a Wien bridge
oscillator and (c) a Twin-T oscillator. Amplitude regulation circuits are not shown.

The output frequency of a Wien bridge oscillator is set by two RC stages. The
first one is connected between the positive input and analogue ground and the
other one between the positive input and the output of the amplifier. The loop
gain is set by two resistances on the negative feedback path of the amplifier.
When R2/R1 ≥ 2, the loop gain of the whole circuit is equal to or larger than 1 and
the circuit operates as an oscillator.
A Twin-T topology has two parallel connected RC networks in a feedback
configuration. Altogether, these branches form a notch filter which is tuned at the
oscillation frequency defined by the time constant τ = RTCT. For a loop gain equal
to 1, the gain, Av, of the opamp and values for components xCT and RT/x have to
be chosen according to Av = (x + 2/x + 1)/(1 – 2/x) [89]. If the Twin-T oscillator is
designed with x = 2, the opamp requires an infinite gain. Hence, for practical
realizations x ≥ 2.5 is more sensible.
Although not shown in Fig. 10, all of the presented topologies need some sort
of an amplitude regulation circuit to set the loop gain exactly to unity to maintain
a sinusoidal waveform at the output of the oscillator. There are several different
methods for adjusting the loop gain, the easiest being the use of some kind of a
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nonlinear element in the feedback loop, which causes the loop gain with small
amplitude levels to be larger than unity and with too large amplitude levels less
than unity. The simplest possible realization of this type of nonlinearity is an
amplifier with an amplitude regulated output, although for low distortion and
precisely controlled amplitude, a more sophisticated nonlinearity is required.
Because the output frequency of all topologies presented in Fig. 10 is
determined by multiple resistors and capacitors with certain component ratios,
they are more suitable for clocking than sensor applications.
3.2

Nonlinear RC oscillators

Nonlinear (square-wave, triangular or sawtooth) RC oscillators are often called
relaxation oscillators. The term “relaxation” refers to charging and discharging
phases of a capacitor. There are many types of relaxation oscillators, starting from
simple two-transistor multivibrator circuits to more complex topologies, but they
all share the same operation principle. Fig. 11 presents two examples of a
relaxation oscillator, which are astable multivibrator circuits based on a single
comparator and a commonly used relaxation oscillator topology which allows the
adjustment of its parameters more freely.
The core of the astable multivibrator circuit [90] presented in Fig. 11 (a) is
based on a Schmitt trigger, which consists of a comparator and two resistors, R1
and R2, in a positive feedback configuration. If the positive and the negative
supply voltage of the comparator are set to VDD and 0 V and the analogue ground
voltage to VDD/2, the resistors will set the triggering points (hysteresis) of the
comparator to VH = (1 + β)VDD/2 and VL = (1 - β)VDD/2, where β is the feedback
factor of the comparator, i.e. β = R1/(R1 + R2). In order to use the circuit as an
oscillator, a capacitor CT is connected from the negative input terminal to the
analogue ground and a resistor RT between the negative input and the output
terminal of the comparator. If the output voltage of the comparator at a given
moment is at VDD, the voltage at the positive input terminal of the comparator is at
VH and CT is charged through RT (with a time constant τ = RTCT) until voltage at
the negative input terminal exceeds VH. At this point the comparator changes its
output state from VDD to 0 V and the voltage at the positive input settles to VL,
which causes CT to be discharged through RT until the voltage across CT falls
below VL and the comparator will change its state again.
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Fig. 11. Nonlinear (square-wave) RC oscillators: (a) an astable multivibrator based on
a Schmitt trigger and (b) a relaxation oscillator.

The output frequency fosc of the oscillator presented in Fig. 11 (a) is ideally a
function of the feedback factor β and the time constant τ = RTCT. In practice, fosc
is also dependent on VDD variations and the comparator’s state-to-state transition
delays (tD(tot)), which together add up to the oscillation period. Variations in VDD
will also affect the threshold voltages VH and VL and the charging/discharging
current of CT. Therefore, the described simple multivibrator circuit is more
suitable for low frequency applications with low accuracy requirements, such as
flashing lights and tone alarms.
Another relaxation oscillator, presented in Fig. 11 (b), is a commonly used
topology which consists of a digital SR latch driven by two comparators with
presettable threshold voltages, a timing capacitor and a constant current
sink/source. In this case, the timing capacitor is charged and discharged with a
constant current IC, which can be set, for example, by a resistor in a bias circuit.
The voltage VC across the capacitor is compared against two threshold voltages
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VH and VL with two comparators. Whenever the capacitor voltage reaches either
of the thresholds, the SR latch toggles and reverses the direction of the capacitor
current. Ideally, the oscillation frequency would be directly proportional to the
capacitor current and inversely proportional to the capacitor value and the
difference of the threshold voltages, but again the delays (tD(tot)) introduced by the
comparators and the latch of the level detection circuit (causing overshooting of
the threshold voltages) add up to the output period, which causes the actual
oscillation frequency to be lower than ideal. This effect increases towards higher
frequencies.
Since it is possible to set the output frequency of a relaxation oscillator with
only one resistor and capacitor (or corresponding sensor element), it is a better
choice for sensor applications than the linear topologies presented in Chapter 3.1.
Relaxation oscillators can also be used as clock generators, which allow the clock
frequency to be tuned with minimum amount of passive components. However,
the delays introduced by the comparators add up to the period which limits the
frequency accuracy of this type of oscillator at high frequencies.
The next chapter summarizes the state-of-the-art LP RC oscillators suitable
for both sensor and clock applications. All presented topologies are based on the
relaxation oscillator principle.
3.3

RC oscillator implementations

Since the introduction of the 555 timer, RC oscillators have been used in
commercial applications as clock, pulse, delay and ramp generators. The 555
timer is based on a relaxation oscillator topology, presented in Fig. 11 (b), and is
available both as bipolar and CMOS versions. Although the latest CMOS versions
are able to operate with supply voltages as low as 1.5 V (LMC555) or even 1 V
(TLC551, which has the same pinout and functionality as the 555 type of timer),
their maximum operating frequency is only up to a few MHz because of the
delays present in the comparators and the parasitic capacitances and resistances
related to the I/O timing pins. Furthermore the current consumption of general
purpose RC timers is typically quite high, up to 1 – 10 mA, which is too high for
LP applications. There are also some LP timers, such as LTC6906, which
consumes only 12 μA at 100 kHz operating frequency, but its minimum supply
voltage is 2.25 V and it can operate only up to 1 MHz frequency.
On the other hand, the overall frequency accuracy of the above-mentioned
RC oscillators depends not only on the values of passive circuit elements R and C
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but also on the comparator’s “high-to-low” and “low-to-high” transition delays,
both of which are functions of supply voltage and temperature. These delays will
decrease the frequency stability at high frequency in clock applications and the
measurement linearity in resistive or capacitive sensor applications. Therefore,
the circuit topologies presented in these commercially available ICs do not satisfy
the requirements set for this work.
If an RC oscillator is used only for clocking purposes, circuit elements R and
C can be realized with either external or integrated components. In case of a fully
integrated RC oscillator, the value of the RC time constant without tuning can
vary up to ±40%. In addition, the temperature coefficient (TC) of integrated
resistors is quite large, in the order of 1000 – 3000 ppm/°C [91], which also has to
be taken into account when designing an accurate clock generator. On the other
hand, the TC of integrated capacitors is negligible. Therefore, an accurate
integrated RC oscillator should not only provide some kind of temperature
compensation scheme for the resistor but also the opportunity to tune the
operating frequency of the whole RC oscillator. Another way is to use an accurate
and temperature compensated external time constant RC instead of integrated R
and C.
Table 1 summarizes the performance of commercial and other published
relaxation oscillators with respect to the most important parameters for an RC
oscillator set in this current work. Commercial timer circuits are listed above and
other published relaxation oscillators below the dashed line.
The design presented in [92] is a relaxation type 32-kHz RC oscillator with
internal C and external R without tuning. The initial frequency accuracy of the
oscillator (which is not reported) mainly depends on the process variation of the
integrated C and the delay of the comparator. The comparator alone causes an
estimated additional delay of 13% for the oscillation period at 32-kHz operating
frequency. The measured standard deviation for the chip-to-chip variation is about
4.3%, the supply voltage dependence -2.3%/V from 2.5 to 5 V and the
temperature drift -3% from -20 to 70 °C.
Reference [93] presents a fully integrated RC oscillator, which includes a
digitally trimmed resistor to eliminate the process variations and a simple
temperature drift compensation circuit realized with a combination of an
integrated resistor with a negative TC and a transistor with a positive TC.
Simulation results show that the output frequency span with worst case simulation
corner parameters with and without trimming is ±0.5% and ±40%, respectively.
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Table 1. Features of commercial and other published relaxation oscillators.
Type

VDD

Itot

fmax

LMC555

1.5 – 15 V

< 150 μA @ 1.5 V

3.0 MHz @ 5 V

Accuracy
-

TLC551

1.0 – 15 V

< 150 μA @ 1.0 V

1.8 MHz @ 5 V

-

LTC6906

2.25 – 5.5 V

12 μA @ 100 kHz

1 MHz

[92]

2.5 – 3.5 V

2.1 μA @ 2.8 V

32 kHz

< 10%

±0.5%

[93] 2)

4.5 – 5.5 V

-

2 MHz

±0.5% 3)

[94]

±4.1% 1)

1)

1.1 – 2.0 V

7.7 μA @ 1.2 V

1.2 MHz

[95, 96]

0.8 V

770 nA

50 kHz

~30%

[97, 98]

1.7 – 1.9 V

24 μA

14 MHz

±0.9% 1)

[99]

3.0 – 5.0 V

133 μA

12.8 MHz

±5% 3)

[100]

2.0 – 2.75 V

-

36 MHz

±2% 3)

[101] 2)

3.0 – 3.6 V

400 μA

1 MHz

1% 3)

[102]

1.8 – 2.5 V

< 2.14 μA

2 MHz

±2.5% 3)

[103] 2)

0.9 – 1.1 V

660 nA

307.2 kHz

±6.1% 3)

[104]

2.7 – 6.0 V

-

103 MHz

-

[105]

1.25 – 1.5 V

750 μA

24 MHz

< 4% 3)

1)

Process variation not included.

2)

Only simulated results. 3) After tuning.

Also, the temperature drift between 0 and 80 °C has been reduced from
-5.65…13.90% to -0.75…0.05%. The reported supply voltage dependency is
between 1.00 and -0.50% from 4.5 to 5.5 V. Therefore, it seems that with tuning it
is possible to achieve about 1% total accuracy but the drawback is that every chip
needs to be tuned individually.
In order to avoid tuning and the use of external references, some integrated
oscillator topologies [94-98], presented in the literature, use an internal voltage
reference to set the oscillation frequency. In [94], the voltage reference is realized
with a constant-gm bias generator, which provides the input voltage for a ringoscillator type of a VCO. The capacitors are implemented with gate-capacitances
of grounded NMOS transistors in between the inverter stages of the VCO.
Because the integrated capacitor values are not tuned, the output frequency of
1.25 MHz is on average 4.2% larger than expected by the simulations.
Furthermore, this circuit has quite a large supply voltage dependence of ±4.1%
when the supply voltage is swept from 1.1 V to 2.0 V, which is mainly due to the
constant-gm voltage reference circuit being not as stable as a bandgap reference
(BGR) circuit. The temperature drift is not mentioned. The oscillator consumes
7.7 μA (9.2 μW) from a 1.2 V supply voltage. By comparison, the clock generator
presented in [95, 96] uses a BGR circuit for generating the reference voltages and
currents for a relaxation oscillator. Because the integrated capacitors are not tuned,
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the simulated 1σ and 3σ variations of the output frequency are 4% and 11.85%,
respectively, the TC 842 ppm/°C from 0 to 80 °C and the supply voltage variation
-2.5%/V from 1 to 1.5 V. The measured chip-to-chip variation with a 0.8 V supply
voltage is large, close to 30%, and the operating frequency starts to decrease
rapidly above 0.8 V, which behavior the authors could neither explain nor
reproduce by simulations. The measured TC from 20 to 60 °C is 0.3%/°C.
A relaxation oscillator presented in [97, 98] is a fully integrated RC oscillator,
which uses a voltage averaging feedback circuit with a voltage reference
proportional to supply voltage. This circuit is shown to be quite insensitive to
supply voltage variations because of the operation principle. On the other hand,
the temperature dependency relies on the TC of the integrated R and the total
accuracy on both R and C in the oscillator core. The oscillator achieves a
measured TC of ±0.75% from -40 to 125 °C and a supply voltage variation of
±0.16% from 1.7 to 1.9 V. Neither the chip-to-chip variation nor the absolute
accuracy of the output frequency is published.
In references [99-101], the use of an internal voltage reference has been
combined with trimming of the output frequency. In [99], a BGR is used for
generating temperature compensated reference voltages for the comparators and
currents for charging/discharging the capacitors in a relaxation oscillator. The
timing capacitor is comprised of an 8-bit binary-weighted capacitor array to
cancel out the effects of process variations. This oscillator achieves ±5% total
frequency accuracy including process variations, supply voltage variation from 3
to 5 V and temperature range of -40 to 125 °C without any external components.
The same idea has been utilized in [100], which presents a relaxation oscillator
with a BGR and a 5-bit capacitor array. This oscillator operates with a supply
voltage down to 2 V and it achieves ±5% frequency accuracy with a supply
voltage range of 2.5 V ±10% and a temperature range from 0 to 80 °C without
external components.
The RC oscillator proposed in [101] uses an external resistor, an integrated
capacitor and a reference voltage based on a resistor ratio with a tuning circuit.
The use of an external resistor ensures a low temperature variation (if a low-TC
component is used) and the tunable reference voltage can be used to cancel out
the process variations. This oscillator achieves a total simulated frequency
accuracy of 1% with supply voltage variation of 3.3 V ±10% and a temperature
range from -40 to 125 °C.
Two LP RC oscillators for capacitive sensor applications are presented in
[102, 103]. The oscillator, described in [102], consists of a source-coupled CMOS
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multivibrator, a proportional-to-absolute-temperature (PTAT) bias circuit and a
two-stage comparator. The bias circuit is provided with a programmable resistor
matrix and the oscillator with a capacitance matrix to enable calibration. After
calibration the oscillator achieves an operating frequency of 2 MHz with a total
accuracy of ±2.5% including a supply voltage variation of ±10% and a
temperature range from -35 °C to +85 °C. The typical power consumption with a
1.8-V supply voltage at room temperature is 3.0 μW. The circuit operates with
supply voltages from 1.8 to 2.5 V. The oscillator presented in [103] is a modified
version of [102] and it consists of two parallel tunable oscillators (only one
operates at a time) with different operating frequencies to cover a larger range of
operating frequencies. Because of a lower supply voltage of 1 V used by this
design, the floating capacitance matrix of [102] has been replaced with a fixed
capacitor and tuning is accomplished with a resistor matrix. The simulation
results for this double-mode oscillator in modes 1 and 2 show a frequency
stability of 24.6 kHz ±10.7% and 307.2 kHz ±6.1% with a supply voltage
variation of 1 V ±10% and a temperature range from -40 to 85 °C. The current
consumption in modes 1 and 2 are 210 nA and 660 nA, respectively.
Reference [104] presents an RC oscillator topology which places a ringoscillator type of VCO in a feedback loop of a relaxation type RC oscillator. This
oscillator samples its own period and compares it to the RC time constant. One
advantage of this operation principle is that it uses a frequency divider to separate
the operating frequency of the VCO from the charging/discharging frequency of
the capacitor. As a result, the output frequency of the oscillator and the values for
passive components can be selected more freely. Another advantage is that the
negative feedback loop corrects all variations caused by temperature, supply
voltage and process variations. The total accuracy of the oscillator, presented in
[104], depends only on the RC time constant itself, added with the accuracy of the
frequency divider and a current mirror ratio. Because the division ratio can be
assumed ideal, the final accuracy reduces to the accuracies of the RC time
constant and the current mirror ratio. The reported performance (excluding
variations of external components R and C) shows that the maximum operating
frequency is 103 MHz, the supply voltage sensitivity 3,430 ppm/V or 1.13% from
2.7 V to 6.0 V and the temperature sensitivity 57.1 ppm/°C (the temperature range
is not reported).
The RC oscillator, presented in [105], uses the operation principle described
in [104] with an added tuning option. After tuning the oscillator achieves a total
frequency accuracy of 4%, including process variations, supply voltage variations
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from 1.25 to 1.5 V, temperature variations from -40 to 85 °C and 1% component
variation in external RC time constant.
As a conclusion for this review, it may be noted that there are several RC
oscillator topologies which satisfy the requirements of LV/LP operation but most
of them do not reach the desired total frequency accuracy of < ±1% even if tuned,
which was one of the goals in this particular piece of work. Without tuning, none
of the LV/LP designs is even close to this target. The most promising topology of
the RC oscillators described above is the one presented in [104], which allows
choosing the component values and the frequency of operation more freely. This
is an important feature when aiming for low power consumption, high frequencies
or an optimized sensor interface with a certain impedance range. Therefore, the
idea presented in [104] has been adopted for the design of an accurate LV/LP RC
oscillator for clock and sensor applications, two versions of which are presented
in Papers IV and VIII. The design choices, performance and future work of this
design are presented in Chapter 6.2.
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4 Problems and solutions for LV/LP issues in
analogue circuit design
This chapter concentrates on practical circuit level design problems and their
viable solutions concerning two main applications, i.e. a low-voltage, low-power
(LV/LP) preprocessing stage for a heart rate detector and an LV/LP RC oscillator,
developed in this work. Since the desired supply voltage range set for this work is
very low, i.e. VDD(min) ≤ 2VT + Vov, it poses many design challenges for both
continuous-time (CT) and discrete-time (DT) analogue signal processing (ASP)
circuits.
One of the most important issues caused by low supply voltage is the limited
dynamic range (DR) of a circuit. The DR is the range between the maximum and
the minimum signal levels. The maximum is limited by the supply voltage and the
minimum by the noise floor. In order to achieve a reasonable DR and signal-tonoise ratio (SNR) for an ASP, it is desirable to keep the signal amplitude as large
as possible throughout the whole circuit. Because amplifiers, filters and other
active ASP circuit blocks are most often realized with opamps, the DR limitations
of the analogue part is reduced to limitations of the opamps and, more specifically,
their input stages. With a conventional input stage consisting of a gate-driven
differential pair with a current sink (or source) this limitation manifests as an
input signal common-mode range (CMR) limited close to the other rail of the
supply voltages. An output stage for an opamp is easier to design for rail-to-rail
operation and therefore the output voltage swing can be maximized by centering
it in between the supply voltages. Depending on the application the input voltage
CMR limitation can be crucial.
In case of an ECG amplifier, presented in Fig. 9 as a part of a QRS detector,
the input signal level is very small, less than 2 mV. Therefore, the input CMR
does not need to be large. However, the problem is that the input CMR of a
conventional input stage with gate-driven differential pair does not reach the midsupply at low supply voltages. If the ECG amplifier is realized with a singleended (SE) opamp (differential input and SE output) with a resistive feedback
loop setting the gain, then the linear output swing and the DR of the amplifier will
be limited. This is due to the fact that the feedback path from the output to the
input of the amplifier sets the output DC operating point equal to the input DC
operating point, which is close to the other supply rail. Therefore, the linear
output voltage swing is also limited closer to the other supply rail. On the other
hand, if the ECG amplifier is realized with a fully-differential (FD) opamp, then
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the problem is in the design of the common-mode feedback (CMFB) circuit.
Since traditional CMFB circuits have been designed using circuit structures
similar to the input stages of opamps, either the resulting output swing of the FD
opamp is very limited (equal to the CMR of the input stage) or the input stage of
the CMFB circuit needs to be redesigned for rail-to-rail operation.
In another application, i.e. an RC oscillator developed in this work, two
analogue voltages with a large dynamic range are compared with each other in
order to set the output frequency of the oscillator. In this case, the input stage
needs to have a rail-to-rail input voltage capability. A rail-to-rail input CMR can
be achieved, for example, with a floating-gate (FG) input stage or a bulk-driven
(BD) input stage, both of which are introduced in Chapters 4.1.2 and 4.1.3,
respectively.
Analogue low-voltage (LV) discrete-time (DT) circuit blocks, like switchedcapacitor (SC) filters, suffer not only from the input CMR problems but also from
switching problems. This is due to the reduced conductivity of a CMOS switch
during its “on” state when the supply voltage is equal to or less than the sum of
the threshold voltages of the switch transistors. This problem is mainly caused by
series CMOS switches on the signal path. These series switches are usually
located as the first switches in front of the SC circuit or at the outputs of the
opamps inside the SC circuit. When the output voltage of an opamp is closer to
the positive or the negative supply rail, either the PMOS or the NMOS transistor
of the CMOS switch conducts the signal. When the output voltage (i.e. the signal)
is around the mid-supply, neither the PMOS nor the NMOS transistor is able to
conduct, a factor which will destroy the operation of the whole circuit. The series
switch at the output of an opamp can be avoided by replacing both the switch and
the opamp with a so-called switched-opamp circuit, which either turns the output
stage or the whole opamp off during its non-active phase. Since the analogue
signal processing (ASP) block for a QRS detector, presented in Fig. 9 (Chapter
2.3), is implemented using SC techniques, switching problems and their solutions
will be discussed more specifically in Chapters 4.2 and 4.3.
4.1

Dynamic range of opamps

The dynamic range (DR) of an opamp is the range between the maximum and the
minimum signal levels. The maximum is limited by the supply voltage and the
minimum due to the noise floor. The noise performance of an opamp is an
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important issue especially in applications where large amplification is needed, e.g.
in case of an ECG preamplifier, as presented in Fig. 9.
The dominant noise sources for active MOS transistors are flicker and
thermal noise [91]. The flicker noise has an increasing spectral density (1/f) slope
towards lower frequencies and the thermal noise (white noise) has a constant
spectral density from low to high frequencies. Therefore, the flicker noise
dominates at lower frequencies and the thermal noise at higher frequencies. An
example of the flicker noise and the white noise are presented in Fig. 12. The
intersection of the flicker noise and the white noise is often referred to as the 1/f
noise corner.
Vn(f)
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1/f noise

1/f noise corner

3.2
white noise
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Fig. 12. Root spectral density of a noise signal that has both 1/f and white noise.

The flicker noise of a MOS transistor in active region is modeled as a voltage
source in series with the gate of value [91]

Vng2 (1 / f ) ( f ) =

K
,
WLCox f

(1)

where K is a device characteristics dependent constant which can largely vary for
different devices in the same process. W and L are the width and length of the
device, Cox represents the gate capacitance per unit area and f is the frequency.
Therefore, it can be noted that the increase of the area WL of the device results in
lower flicker noise. PMOS transistors have less noise than NMOS transistors of
the same size since their majority carriers (holes) are less likely to be trapped.
Thermal noise is due to the resistive channel of a MOS transistor in the active
region and it can be modeled as an additional drain current given by [91]
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2 ,
2
I nd
(T ) ( f ) = 4kT   g m
3

(2)

where k is the Boltzmann’s constant, T is the absolute temperature and gm the
transconductance of the transistor. The current noise source is normally added in
parallel with the channel of the transistor, but sometimes the noise analysis can be
simplified by replacing the current noise source with an equivalent input noise
voltage source, which would cause the same drain current noise for the transistor.
Then the total input referred noise (IRN) voltage in series with the gate would be

K
2 1
.
Vni2 ( f ) = 4kT  
+
g
WLC
3
  m
ox f

(3)

This simplified model is valid for low and moderate frequencies since it assumes
that the gate current is zero. At higher frequencies, an appreciable amount of
current will flow through the gate-capacitance CGS, which causes this model to be
inaccurate. According to (3) the IRN can be minimized by choosing large gm and
area for a transistor. In opamps, the inherent noise is dominated by the input
differential pair and its active load transistors, which need to be noise optimized
when aiming for desired noise performance for the whole amplifier.
Distortion is caused by the nonlinearities of a circuit. Most often the
dominating type of distortion is harmonic distortion. If the input signal is a sine
signal with a fundamental frequency of f1, the harmonic distortion appears at the
output spectrum as additional frequency components, which are multiples of the
fundamental frequency, i.e. 2f1, 3f1, 4f1… etc. Typically these components will
rise up quickly when the signal level exceeds the linear operating range of the
circuit. Therefore, it is also important to maximize the linear operating range of
the circuit with respect to the supply voltages, when aiming for the maximum DR
for the circuit.
In opamps, the DR limitation is usually caused by the common-mode voltage
range Vin,CMR of the input stage. Depending on the feedback configuration, the
requirements for the input stage may vary greatly. The most often used feedback
configurations and their input stage requirements are shown in Fig. 13. The output
stages of the opamps are assumed to operate with the full scale of supply voltages,
i.e. rail-to-rail, and the output DC voltage is therefore set at mid-supply (VDD/2).
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Fig. 13. Opamp feedback configurations and their input stage requirements for a railto-rail output voltage swing, a) a voltage follower, b) a non-inverting topology, c) an
*

inverting topology and d) a fully-differential topology. VDD is the total supply voltage.
**

VCM(signal) = (Vin+ + Vin-)/2.
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The largest input voltage swing requirements are set by the first two feedback
configurations in Fig. 13, namely the voltage follower and the non-inverting
topology. Because the input and output voltages of the voltage follower are the
same, the input stage also has to be able to process rail-to-rail signals. The input
signal swing requirements for the non-inverting topology are relieved by a
feedback factor β = R1/(R1 + R2), which inversely defines the amplification from
the input to the output. With both of these topologies it is important to set the
input DC voltage Vin,DC or the analogue ground voltage VAGND to mid-supply
(VDD/2), otherwise the maximum linear voltage swing at the output is limited.
The last two topologies in Fig. 13 are the inverting and the fully-differential
(FD) topology. With these feedback topologies the Vin,CMR at the inputs of the
opamp is close to zero. This is due to a virtual short between the positive and the
negative input terminals of the opamp. With the inverting topology the analogue
ground voltage VAGND has to be set again to VDD/2 in order to reach a rail-to-rail
output swing for the amplifier. In the case of the FD amplifier, the Vin,DC is
determined by both the output DC voltage (VDD/2), which is set by the opamp’s
own common-mode feedback (CMFB) circuit, and the VCM(signal), i.e. the signal
ground, which is defined by the signal source or the CMFB circuit of a previous
output stage. VCM(signal) has to be equal to VDD/2 in order to avoid DC currents
between the input and output terminals of the FD opamp.
From the input stage requirements listed in Fig. 13 it can be concluded that
for rail-to-rail output operation all feedback configurations need the Vin,CMR to be
set around VDD/2. Depending on the feedback configuration, the input voltage
swing can vary from close to zero to rail-to-rail. The next sub-chapter will show
how these input and output voltage requirements are met with conventional
input/output stages in an LV/LP environment.
4.1.1 Conventional input/output stages
A conventional NMOS-type input stage for an opamp is presented in Fig. 14 (a).
It consists of a differential input transistor pair M2 – M3 with an active load M4 –
M5 provided with a bias current via M1. The minimum supply voltage VDD(min) for
the NMOS-type differential input stage is limited either by three saturation
voltages of M1, M2 and M4 (or M1, M3 and M5) or by the minimum voltage
requirement for the input transistors M2 and M3, whichever is higher, i.e.
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Fig. 14. Input/output common-mode (CM) voltage range of (a) an NMOS- and (b) a
PMOS-type input stage.

VDD (min) = max{VDS 1( sat ) + VDS 2( sat ) + VSD 4 ( sat ) , VDS 1( sat ) + VGS 2 }

≈ max {3V DS ( sat ) ,VT + 2V DS ( sat ) } ≤ 2VT ,

(4)

and for the PMOS-type input stage, Fig. 14 (b):
VDD (min) = max{VSD1( sat ) + VSD 2 ( sat ) + VDS 4( sat ) , VSD1( sat ) + VSG 2 }
≈ max {3V DS ( sat ) ,VT + 2V DS ( sat ) } ≤ 2VT ,

(5)

where VGS (VSG for PMOS) is the gate-to-source voltage, VDS(sat) (VSD(sat) for
PMOS) the drain-to-source saturation voltage of an NMOS transistor and VT the
threshold voltage of a MOS transistor. If the threshold voltages and the saturation
voltages of NMOS- and PMOS-transistors are assumed to be the same, i.e.
VT(NMOS) = |VT(PMOS)| and VDS(sat,NMOS) = VSD(sat,PMOS), then (4) and (5) can be
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simplified to be either equal to the sum of three saturation voltages or the sum of
one threshold voltage and two saturation voltages, whichever is higher. With
typical values for VDS(sat) and VT, the minimum supply voltage can also be
approximated to be equal to or less than two threshold voltages of a MOS
transistor. This complies well with the minimum supply voltage requirement for
digital circuits.
The input CMR of the NMOS input stage is limited from the lower end to
Vin ,CM (min) = VDS 1( sat ) + VGS 2
≈ 2VDS ( sat ) + VT

(6)

and from the upper end to
Vin ,CM (max) = VDD − VSD 4 ( sat ) − VDS 2 ( sat ) + VGS 2
= VDD − VSD 4 ( sat ) + VT 2 ,

(7)

which even exceeds the supply voltage. For the PMOS input stage, the lower limit
appears at
Vin ,CM (min) = VDS 4 ( sat ) + VSD 2 ( sat ) − VSG 2

= VDS 4( sat ) − VT 2 ,

(8)

which is less than the negative supply voltage (ground), and the upper limit at
Vin ,CM (max) = VDD − VSD1( sat ) − VSG 2
≈ VDD − 2VDS ( sat ) − VT .

(9)

From (4) – (9) it can be concluded that the input CMR for both types of input
stage is approximately zero when the supply voltage is set to the minimum. If VT
is assumed to be 0.5 V and VDS(sat) between 100 mV and 200 mV, the minimum
supply voltage for a conventional input stage is about 0.7 V – 0.9 V. Fig. 14 also
shows the location of the input CMR in two different cases where the supply
voltage is either 3 V or 1 V. In the latter case, the input CMR is very narrow and
does not reach the mid-supply, which might be a problem depending on the
feedback configuration (see Fig. 13) and the desired output CMR for the whole
opamp.
The output CMRs of the input stages shown in Fig. 14 are limited by the
three drain-to-source saturation voltages of the stacked transistors. Therefore, the
output CMR for the amplifier presented in Fig. 14 (a) is
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Vout ,CM (min) = VDS 1( sat ) + VDS 2 ( sat ) = 2VDS ( sat )

(10)

Vout ,CM (max) = VDD − VSD 4 ( sat )

(11)

and for the amplifier in Fig. 14 (b)
Vout ,CM (min) = VDS 4 ( sat )

(12)

Vout ,CM (max) = VDD − VSD1( sat ) − VSD 2 ( sat ) = VDD − 2VSD ( sat ) .

(13)

Because the gain of the discussed 1-stage amplifiers is quite low, they are
normally equipped with one or more output stages. The most commonly used
output stage for an opamp is a common-source topology, as shown in Fig. 15. The
VDD = 3 V
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VDD = 1 V

Vout

Vin

Vin
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Vout

Fig. 15. Input/output voltage range for a common-source amplifier.

common-source topology is also the most promising choice for a low-voltage
output stage, since it provides rail-to-rail output swing (separated by only one
VDS(sat) from both supply rails) down to very low supply voltages. The minimum
supply voltage for the common-source amplifier is limited by one VGS (added
with the input voltage swing of transistor M1), i.e.
VDD (min) = VGS 1 = VT 1 + VDS 1( sat ) ,

(14)

which assumes that one VSG (= VGS) is also enough to bias transistor M2. The input
signal range is limited from the lower end to
Vin (min) = VGS 1 = VDS 1( sat ) + VT 1

(15)

and from the upper end to
Vin (max) = VDD − VSD 2 ( sat ) − VDS 1( sat ) + VGS 1
≈ VDD − VSD 2 ( sat ) + VT 1 ,

(16)
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which implies that the input voltage range can even exceed the positive supply
rail. The input transistor in Fig. 15 is of NMOS-type. An inverse topology is
obtained if terminals Vin and VB are exchanged. Then the input voltage range is
shifted close to the negative supply rail, while the output range still remains railto-rail.
The presented input and output stages can be combined in several ways. Fig.
16 shows two traditional topologies, which are the single-ended (SE) and the
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Fig. 16. (a) Single-ended Miller-compensated 2-stage operational amplifier (OPA) and
(b) a fully-differential OPA (CMFB circuit is not shown).

fully-differential (FD) versions of a Miller-compensated 2-stage operational
amplifier (OPA). For simplicity, only topologies with a PMOS-type input stage
are shown. The minimum supply voltage requirement for the SE OPA in Fig. 16
(a) is
VDD (min) = max{VSD1( sat ) + VSD 2( sat ) + VGS 4 , VSD1( sat ) + VSG 2 }

≈ VT + 3V DS ( sat ) ,

(17)

which is one VDS(sat) higher than shown for topologies in Fig. 14. This is due to the
diode connected current mirror load transistors M4 and M5 of the input stage. The
minimum supply voltage requirement for the FD OPA in Fig. 16 (b) is
VDD (min) = max{VSD1( sat ) + VSD 2( sat ) + VGS 6 , VSD1( sat ) + VSG 2 }

≈ VT + 3V DS ( sat ) ,

(18)

which is the same as for the SE OPA. This is due to the output transistors M6 and
M7 of the FD OPA. The input stage alone (which is similar to the input stage in
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Fig. 14 (b)) would be capable of operating with the minimum supply voltage
given by (5) but since the drain-to-source voltage of M4 is at the same time the
gate-to-source voltage of M6, i.e. VDS4 = VGS6 (and VDS5 = VGS7) then the whole
amplifier needs the same supply voltage as its SE version.
When aiming for a lower supply voltage than that set by (17) and (18), the
input stage of an SE OPA can be constructed as in Fig. 17 (a) [106]. This topology
employs an additional folded structure (M8 – M11) to reduce the voltage drop
across the current mirror transistors (M4 – M5). A fully-differential version of the
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Fig. 17. (a) Single-ended operational amplifier (OPA) and (b) a fully-differential OPA
with folded input stage structures (CMFB circuit not shown) [106] © 1995 IEEE.
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OPA with the folded input stage structure is presented in Fig. 17 (b) [106]. The
minimum supply voltage requirement for these SE and FD OPAs is now
VDD (min) = max{VSD1( sat ) + VSD 2 ( sat ) + VDS 4( sat ) , VSD1( sat ) + VSG 2 }
≈ VT + 2V DS ( sat ) ,

(19)

which is one VDS(sat) lower that the VDD(min) presented in (17) for topologies in Fig.
16. With both versions, the folded structure (M8 – M11) also helps to keep both
input and load transistors (M2 – M5) in the saturation region in all conditions.
The main problem with all presented opamps and their input stages with low
supply voltages is that their input common-mode (CM) voltage range does not
reach the mid-supply, which is required for rail-to-rail output operation with all
feedback configurations shown in Fig. 13. Another problem related to the
differential topology is that it needs a CMFB circuit, which has to process the
whole rail-to-rail output signal range. Traditional input stages of CMFB circuits
[107] have been designed using structures similar to the input stages used for the
opamps, which are not directly usable for low supply voltages.
One possible continuous-time (CT) solution is to use a passive level-shifter
R1 – R3, shown in Fig. 18 [106], at the input of a 5-transistor CMFB circuit. If the
output CM signal of the opamp is set to mid-supply (VCM = Vout+ = Vout- = VDD/2),
then the component values for R1 – R3 and the reference voltage can be selected
from the following relationship:

Vin ( CMFB ) = VREF =

R3
VDD
.
⋅
2 R1 || R2 + R3
VDD

R1
Vin+

Vin-

VBIAS

Vout+ _
_ +
Vout+

(20)

R2
Vin(CMFB)

VREF

R3

Vctrl
Fig. 18. Fully-differential OPA with a passive level-shifter at the input of a CMFB circuit
presented in [106] © 1995 IEEE.
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As can be seen from (20), there is a trade-off between the amount of CM signal
present at the input of the CMFB circuit and the amount of level shift. Low VREF
allows the use of low supply voltage, but at the expense of reduced CM gain in
the CMFB loop. Another drawback is an additional direct current path from the
outputs of the opamp to ground. Resistors should be avoided in low-power
designs, since they add either power consumption or area (or both) to the circuit.
Furthermore, the differential-mode gain of the amplifier is largely reduced with
practical values for integrated resistors.
Another recent CT solution for a CT CMFB circuit (Fig. 19) is presented in
[108]. It consists of two source-coupled differential pairs connected on top of
each other. Since the conductivity of equally sized N- and PMOS transistors is
different, the width-to-length ratios (W/L)N and (W/L)P have to be carefully
selected in order to minimize the CMFB circuit’s gain to differential mode signals.
This circuit features quite linear rail-to-rail operation even with very low supply
voltages, but its current consumption increases dramatically with supply voltages
larger than ~2VT.
VDD
M1
Vin1

M2
Vout

M3

Vin2

M4

Fig. 19. Continuous-time CMFB circuit presented in [108] © 2008 IEEE.

One possible solution for a CMFB circuit is also to use a discrete-time (DT)
structure based on the switched-capacitor (SC) technique. DT solutions will be
discussed in Chapter 4.3 in the context of switched-opamps.
There are several ways presented in the literature to overcome the problems
caused by the difference between the input and the output common-mode range
(CMR) of an opamp. Traditionally, symmetrical input CMR around mid-supply
has been achieved by connecting an NMOS- and a PMOS-type input stage in
parallel configuration [109], which combines the CMR of both input stages
resulting in rail-to-rail input CMR. This arrangement works fine when the supply
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voltage is higher than the sum of the input CMR of both stages. When the supply
voltage is very low, there will be a gap between the CMRs of the NMOS- and
PMOS-input stages around the mid-supply. The gap can be removed by using
either level-shifting technique [110] (bipolar) or [111] (CMOS) but this is
achieved at the expense of increased power consumption due to additional biasing
circuitry.
Another way to match the input and output CMRs of an opamp is to add a
floating battery in front of the input stage [112, 113] (continuous-time), which is
based on a voltage drop across a resistor with a fixed bias current or [114]
(discrete-time), which uses a switched-capacitor circuit for the same task. Again,
in the former case, an additional bias circuitry increases the total current
consumption, while in the latter case, the switched-capacitor (SC) circuit suffers
from a limited input voltage swing (if a clock-booster is not used) and injects
noise onto the signal path due to clock feed-through.
One possible way to adjust the input CMR of an opamp in a fully-differential
resistive feedback configuration (Fig. 13 (d)) is to use an input CMFB circuit
[115], which sets the input CMR of the opamp regardless of the input signal or
the output CMR of the opamp. This is achieved with additional current sinks or
sources connected to the input terminals of an opamp, which in turn causes the
CM voltage at the input terminals to be shifted upwards or downwards depending
on the selected direction of the current. Naturally, the total current consumption
increases due to the additional current sinks or sources connected to the input.
The input CMR of an opamp can also be enhanced by using special lowvoltage devices, such as low-threshold voltage (low-VT) transistors [61, 115-118],
which requires a special process. Another way is to use floating-gate (FG) [119124], quasi-floating-gate (QFG) [125-127], dynamic threshold MOS (DTMOS)
[128-130] or bulk-driven (BD) transistors [131-133] instead of conventional
transistors as an input differential pair. These devices are very interesting because
they can be used as replacements of conventional input transistors even without
the need for any additional bias circuits or process steps.
Since the rail-to-rail input/output CMR capability of an opamp is a desired
feature for both the ECG preamplifier of a heart rate detector and the RC
oscillator developed in this work, the properties of the input stages based on FG
and BD transistors are discussed in more detail within the next two sections.
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4.1.2 Floating-gate input stage
A floating-gate (FG) MOS transistor, presented in Fig. 20, is a device with a gate
terminal which is not resistively connected to anywhere. The gate voltage of an
FG transistor is set by capacitive voltage division given by
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…
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Fig. 20. (a) Equivalent circuit, (b) symbol and (c) layout for a floating-gate (FG) NMOS
transistor.
N

VFG = 
i =1

Ci
C
C
Q
Vi + GD VD + GS VS + FG ,
CT
CT
CT
CT

(21)

where N is the number of inputs, Vi, VD and VS are the input, drain and source
voltages referred to bulk, CGD, CGS and CGB are the parasitic capacitances and CT
the sum of all capacitances connected to the floating gate, i.e.
N

CT =  Ci + CGD + CGS + CGB

(22)

i =1

and QFG is the residual charge trapped on the gate of an FG MOS transistor during
the fabrication process. Therefore, the floating-gate voltage VFG is a weighted sum
of voltages connected to the gate of an FG transistor. Both N- and P-type FG
MOS transistors are implementable with standard CMOS technologies.
The problem with the random charge QFG at the floating gates is that it causes
large variations for threshold voltages of the FG transistors. Therefore, it is
important to be able to control accurately the floating-gate charge QFG. Several
solutions for this problem have been reported, including ultra-violet (UV) light
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irradiation [124, 134], the use of the Fowler-Nordheim tunneling effect and hot
electron injection [135-137], forcing an initial condition with a switch [138] and
taking advantage of the fabrication processing steps themselves [139]. The first
solution sometimes gives acceptable results, but it requires removal of the
passivation mask if it reflects UV light. This is not a standard procedure and
might compromise the reliability of the chip in the long run. The second solution
requires extra circuitry and high voltages which are not compatible with LV
technologies. The third solution leads to quasi-floating-gate (QFG) operation
since the DC voltage at the floating-gate is no longer adjustable with the input
capacitors and their input voltages, but instead, will slowly drift towards the
substrate voltage of the closed switch due to its leakage current. The fourth
solution is the most recently reported technique to remove random charge from
the floating gates of FG circuits. In this technique the floating gates, which are on
a poly1 layer, are contacted to the uppermost metal layer. After depositing the
uppermost metal layer in a fabrication process, all parts of the chip which are
contacted to that metal layer are temporarily connected together, which means
that the charge trapped on the floating gates flows to other parts of the chip. If the
substrate of the chip is also contacted to the uppermost metal layer, the floating
gates are discharged to the substrate. After etching of the uppermost metal layer,
the floating nature of the gates is restored.
FG transistors have been used earlier only in digital electronics, where they
form the basis of EEPROM devices [140]. During the last few years FG
transistors have also started to attract interest in analogue LV/LP circuit design.
This is due to the fact that the input voltage range of an FG MOS can even be
extended below its threshold voltage. This feature can be exploited also in the
design of opamps.
An example of an input stage for an opamp implemented with an FG input
differential pair is presented in Fig. 21. Although both NMOS- and PMOS-type
input stages are realizable in a standard CMOS process, a PMOS-type input stage
has been chosen as an example. The minimum supply voltage requirement
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Fig. 21. Floating-gate input stage for an opamp.

for the FG input stage is the same as for the conventional PMOS input stage
presented in Fig. 14 (b). If the source-to-gate voltage VSG2 in (5) is replaced with a
floating-gate voltage of M2, then (5) can be expressed as
VDD (min) = max{VSD1( sat ) + VSD 2 ( sat ) + VDS 4( sat ) , VSD1( sat ) + VFG 2 }

≈ max {3V DS ( sat ) ,VT + 2V DS ( sat ) } ≤ 2VT .

(23)

Under quiescent conditions (Vin = Vin+ = Vin-) the voltage VFG = VFG2 = VFG3 at
the floating-gates can be approximated as

VFG =

C IN
C BIAS
Vin +
VB 2 ,
C IN + C BIAS
C IN + C BIAS

(24)

where CIN is the input capacitance from the signal inputs to the floating gates,
CBIAS is the capacitance from the bias inputs to the floating gates and VB2 is the
bias voltage for the floating gates. Equation (24) assumes that the FG charge QFG
= 0 C and capacitances CIN and CBIAS are large compared with the parasitic
capacitances in (22). If the bias voltage VB2 is connected to the ground, then the
capacitive voltage division at the input of the FG increases the input CMR (before
the input capacitors) by factor (CIN + CBIAS)/CIN. With suitable capacitance ratio
even rail-to-rail input CMR is achievable. On the other hand, the effective open
loop gain and consequently the effective gain bandwidth product (GBW) reduces
by factor CIN/(CIN + CBIAS). So there is a trade-off between the input CMR and the
amount of gain and GBW for the amplifier. Input referred noise (IRN) also
increases by factor (CIN + CBIAS)/CIN but since the input signal swing increases by
the same factor the dynamic range of the amplifier remains unchanged.
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4.1.3 Bulk-driven input stage
A bulk-driven (BD) MOS transistor with its associated parasitic components is
presented in Fig. 22. A BD MOS transistor is a device with five terminals, namely
gate, source, drain, bulk and substrate (usually ground). The bulk terminal is the
transistors’ local substrate, i.e. n- or p-well. Therefore only n- or p-type of BD
MOS is available in a standard CMOS process depending on the type of the
substrate. The BD PMOS presented in Fig. 22 assumes an n-well process
technology where p-type substrate is used.
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Fig. 22. (a) Equivalent circuit and (b) symbol for a bulk-driven PMOS transistor.

The input signal is applied to the bulk terminal of the BD PMOS while the gate
terminal is connected to a suitable bias voltage (normally ground) to turn on the
transistor (VBIAS = VSG ≥ |VT| + VSD(sat)). As a result, the BD PMOS can operate
with both positive and (slightly) negative input voltages (Vin = VBS), which is
comparable to operation of a depletion-mode device. In order to avoid turning on
the parasitic bipolar junction transistor (BJT) in parallel with the BD PMOS in
Fig. 22, the forward bias voltage VSB of the source-to-bulk p-n junction can be
only a few hundred millivolts. If the threshold voltage of the parasitic BJT is
exceeded, then a considerable part of the source-current will flow through the
parasitic BJT from source to bulk (input), drain and substrate.
The drawbacks of a BD MOS transistor compared to a normal gate-driven
MOS transistor of the same size are smaller transconductance (gmb instead of gm)
because of smaller control capacitance of the depletion layer, lower transition
frequency fT because of larger capacitance to the substrate and higher IRN
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because of smaller transconductance. These drawbacks, though, can be
compensated to some extent by resizing the device or increasing the bias current.
A BD PMOS input stage for an opamp is presented in Fig. 23. The only
difference between the BD PMOS and the conventional PMOS input stage
presented in Fig. 14 (b) is that the input signal is applied to the bulk terminals
instead of the gate terminals and the gate terminals are connected to a suitable
bias voltage VB2 (usually ground) to turn on the input transistors.
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M2 M 3
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Vin,CMR
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VDD = 1 V
Vin,CMR

Vout,CMR

Fig. 23. Bulk-driven input stage for an opamp.

The minimum supply voltage requirement for the BD PMOS input stage is the
same (5) as for the conventional PMOS input stage, but the input CM voltage
range is much larger. This is due to the fact that the threshold voltage limitation of
the input transistors M2 and M3 is no longer on the signal path. With very low
supply voltages the input CMR can easily be rail-to-rail. With larger supply
voltages the maximum input CM voltage can reach the positive supply, but the
minimum input CM voltage may be limited because of the parasitic BJT in
parallel with the input transistors. Therefore, the bias point of the input transistors
has to be carefully designed and verified by circuit simulations when aiming for
rail-to-rail input CMR.
4.2

Switches

Since the analogue signal processing (ASP) block for a QRS detector, presented
in Fig. 9 (Chapter 2.3), is implemented using SC techniques, this chapter points
out the problems of an analogue switch under low-voltage (LV) conditions and
introduces some existing solutions for these problems.
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There are basically three types of switches available in standard CMOS
processes. Two of them are based on using only one transistor, i.e. NMOS or
PMOS, and the third one is a complementary MOS (CMOS) switch, which
combines an NMOS and a PMOS transistor in parallel configuration. The
switches and their conductance as a function of the terminal voltage VX (either V1
or V2) under two different supply voltages are presented in Fig. 24.
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Fig. 24. Symbols for (a) NMOS- (b), PMOS- and (c) CMOS-type switches and their
conductance as a function of the terminal voltage VX with supply voltages of (d) VDD =
3 V and (e) VDD = 1 V, assuming VTN = VTP = 0.5 V.

The conductance gds of a MOS switch depends on sizing and the overdrive
voltage of the switch. The overdrive voltage is the voltage headroom above the
threshold voltage of the switch. In case of an NMOS switch, conduction is
possible when its gate terminal is switched to the positive supply voltage and the
voltage VX is at least one threshold voltage VTN below the supply voltage. The
NMOS switch is turned off irrespective of the voltage VX (assuming that VX is
limited between the supply rails) by switching the gate terminal to the ground. A
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PMOS switch conducts when its gate terminal is switched to the ground and the
voltage VX is at least one threshold voltage VTP higher than the ground voltage.
Similarly, the PMOS switch is turned off by switching its gate terminal to the
positive supply voltage. A CMOS switch combines the operating regions of an
NMOS and a PMOS switch as can be seen from Fig. 24 (d). The conductance of
equally sized NMOS and PMOS transistors with the same overdrive voltage are
different because of different mobility of majority charge carriers, i.e. electrons
and holes in NMOS and PMOS transistors, respectively. When the supply voltage
drops to 1 V, which in the case of Fig. 24 (e) is the sum of the threshold voltages
of the NMOS and the PMOS transistors (VDD = VTN + VTP ≈ 2VT), the conductance
for VX around the mid-supply drops to zero, i.e. both transistors are turned off.
In digital circuits the supply voltage can be even lower than 2VT because the
input signal VX for a digital switch is either logical “0” or “1”, i.e. close to ground
voltage or VDD. Therefore, the minimum supply voltage for a digital switch can be
as low as
VDD (min,digital ) = VT + Vov ,

(25)

where VT is the threshold voltage of an NMOS or a PMOS transistor and Vov is the
minimum overdrive voltage to meet the speed specifications (i.e. the minimum
conductance).
In analogue circuits the situation is different because an analogue switch has
to conduct the whole signal swing, which can even be rail-to-rail. A rail-to-rail
operation requires that the DC voltage level of the signal is set to VDD/2. Because
the switch has to conduct both positive and negative signals with respect to VDD/2,
the minimum supply voltage for a rail-to-rail analogue CMOS switch is limited to
VDD (min,ana log ue ) = 2VT + Vov .

(26)

One solution for lowering the supply voltage below (26) is to move the CM
voltage from the mid-supply closer to one of the supply voltages and use only one
type of switch, i.e. NMOS or PMOS. Unfortunately, this solution limits the
maximum signal swing to less than a half of the total supply voltage, which also
reduces the SNR and the maximum possible DR of the circuit. Other solutions are
the use of 1) low-VT devices [61, 115-118], 2) internal voltage multipliers (clockboosters) [141-144] or 3) bootstrap technique [145-150]. Low-VT devices are not
available in standard CMOS process technologies and clock-boosters cannot be
used with advanced LV CMOS process technologies due to the maximum supply
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voltage limitation and the risk of damaging the thin gate oxide of the switch
transistors with too large terminal voltages, i.e. VGS, VGD or VDS > VDD.
The bootstrap technique is an interesting alternative for clock-boosters since
it uses a signal-independent switching voltage VGS = VDD to drive the switch.
Therefore, none of the voltages VGS, VGD or VDS are likely to exceed the VDD,
which should protect the switch transistor from overstress [145]. Fig. 25 shows
the operation principle and the waveforms of a bootstrapped MOS switch.
Because the VGS during the active phase of the switch is always equal to VDD, it
not only provides a rail-to-rail input signal capability, but also a constant switch
conductance, which reduces the signal-dependent nonlinearity present in
conventional switches.
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Fig. 25. (a) Bootstrapped MOS switch and (b) its conceptual waveforms.

Although the bootstrapped switch provides many desired features, such as rail-torail input capability and reduced signal-dependent switch nonlinearity, it also
needs quite a complex and carefully dimensioned circuit layout implementation in
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order to not exceed the maximum ratings set for the terminal voltages, which
subject is studied more extensively in [145]. Fortunately, the problems of series
switches on the signal path can be largely avoided in SC circuits by the use of a
switched-opamp technique [151-163].
4.3

Switched-opamps

This chapter reviews a few switched-opamp (SO) topologies and shows how the
minimum supply voltage of traditional SC circuit blocks, like integrators, can be
lowered by replacing conventional opamps with switched-opamps. The first
subchapter explains the restrictions for the minimum supply voltage set by a
standard SC integrator topology and shows how these limitations can be relieved
by replacing it with different switched-opamp switched-capacitor (SO-SC)
integrator topologies. The second subchapter shows some internal circuit
structures for switched-opamps and gives one example of a fully-differential SO
topology which is capable of very low-voltage operation.
4.3.1 Switched-opamp integrators
The basic idea behind a switched-opamp [151] is presented in Fig. 26. Lowvoltage operation is achieved by replacing a CT opamp and a critical series switch
at its output with a switchable opamp. The opamp can be switched on and off, for
example, by switching its bias currents. Therefore, the switched-opamp can save
up to 50% of power consumption, which makes it a very attractive choice, not
only for LV applications, but for all LP designs.
The LV limitations of standard SC technique become clear by making
observations from a simple SC integrator topology, presented in Fig. 27. For railCritical
switch
Vin
Vin+

_

φ
Vout

+

Vin-

_

Vin+

+

Vout
φ

(a)

(b)

Fig. 26. (a) Opamp with a switch at its output and (b) a switched-opamp.
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Fig. 27. Standard switched-capacitor (SC) integrator topology.

to-rail operation VREF is assumed to be VDD/2 (VDD is the total supply voltage). If
the switches S1 – S4 are realized with CMOS switches, then the minimum supply
voltage for the SC integrator (limited by the switches) is
VDD (min) = 2VT + Vov ,

(27)

which is much higher than the VDD(min) for the LV opamps shown in Chapter 4.1.1.
It is possible to reduce the VDD(min) slightly by setting VREF closer to the other
supply voltage rail, e.g. ground, and replacing the CMOS switches with NMOS
switches, but this will also reduce the maximum available voltage swing, i.e. the
dynamic range (DR), at the outputs of the opamps. Since the switches S2 – S4 are
directly connected to VREF or to virtual ground, which is also at VREF, the
minimum voltage needed to drive these switches is now
VS 2,3, 4 (min) = VREF + VTN + Vov .

(28)

The minimum drive voltage for S1 is much larger because it has to handle the
whole output swing of the preceding opamp. Therefore, the drive voltage needed
for S1 is

VS1(min) = VREF +

Vout1( p− p )
2

+ VTN + Vov ,

(29)

which makes switch S1 the most critical switch in the whole integrator structure.
As a result, the minimum supply voltage for this arrangement is
VDD (min) = VDS ( sat ) + Vout 1( p − p ) + VTN + Vov ,
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(30)

where VDS(sat) is the linear output voltage range limitation of the first integrator
INT1, Vout1(p-p) the maximum output voltage swing of INT1, VTN the threshold
voltage of switch S1 and Vov the required overdrive voltage to turn on the switch.
If the first integrator INT1 and the critical switch S1 in Fig. 27 are replaced
with a switched-opamp presented in Fig. 26 (b) (such as in [151]), then the
minimum supply voltage is limited by the switches S2 – S4 and is the same as in
(28), i.e. VDD(min) = VS2,3,4(min). If VREF is assumed to be Vout1(p-p)/2 above the output
voltage limitation VDS(sat) of INT1, then VDD(min) can also be written as

VDD (min) = VDS ( sat ) +

Vout1( p − p )
2

+ VTN + Vov ,

(31)

which shows that the minimum supply voltage requirement is relieved by half of
the signal amplitude when compared to (30). The DR of the circuit is still limited
by one VGS = VTN + Vov below the supply voltage.
There is still another way to reduce the supply voltage of an SC integrator
even without the penalty of losing the rail-to-rail output capability of the opamps.
This solution is based on the use of level-shifters at the inputs of the switchedopamps [152, 153]. A level-shifted version of an SO-SC integrator is presented in
Fig. 28. The idea behind this circuit is to combine the output voltage of the
integrator INT1 (Vout1 = VCM + Vsignal) with a constant DC voltage provided by the
level-shift capacitor CDC in order to set the desired input CM level for the next
integrator INT2. The level-shifted SO-SC integrator operates as follows: during
clock phase 1 (φ1), the output voltage of integrator INT1 is stored to C2. At the
same time, the charge stored in CDC is reset. During phase 2 (φ2), the charge in C2
is shared with CDC and fed forward to the next integrator INT2. If the output CM
voltage VCM of the first integrator is set to VDD/2 and the capacitor values are
chosen so that CDC = C2/2, then the input CM voltage of the integrator INT2 is set
at the negative supply voltage, i.e. ground, and all switches can be connected to
either VDD or ground. As a result, the minimum possible supply voltage for the
whole SO-SC integrator topology (excluding the limitations of opamps) is now
VDD (min) = VTN + Vov .

(32)
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Fig. 28. Level-shifted switched-opamp switched-capacitor (SO-SC) integrator topology
with NMOS and PMOS switches [152, 153] © 1994 IEEE.

The VDD(min) in (32) is no longer dependent on the signal amplitude and is actually
the same as the minimum supply voltage requirement for digital circuits (25).
Furthermore, the input CM voltage requirements for the input stages of the
switched-opamps are relieved, thus allowing the use of conventional input stages
(presented in Chapter 4.1.1). The minimum supply voltage requirements for an
SC integrator in the three presented cases are also illustrated graphically in Fig.
29.
A drawback of the level-shifter approach [152, 153] is that it might cause an
extra offset voltage due to a size error in CDC. Also noise present on VDD is
directly coupled into the signal path through CDC. These problems can largely be
avoided by using a fully-differential (FD) structure for the switched-opamp, in
which case the errors in the level-shifted voltage mainly result in a variation of
the input CM voltage, which effect is cancelled at the output. On the other hand, a
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conventional opamps and CMOS switches, (b) switched-opamps and NMOS switches
[151] and (c) switched-opamps with level-shifters and NMOS and PMOS switches [152,
153]. VTN(P) + Vov is the minimum drive voltage of a MOS switch, VREF the analogue
ground voltage, VDS(sat) the linear output voltage range limitation and Vout1(p-p) the
maximum linear output voltage swing of an opamp.

differential mismatch between the signal paths caused by the level-shifter depends
on capacitor matching (two level-shifters in front of each switched-opamp),
which can be minimized with a careful layout design. Another benefit of an FD
structure is a doubled voltage swing at the output of the switched-opamp, which
also increases the SNR and the DR of the circuit.
If the preceding stage for an SC circuit is a continuous-time (CT) analogue
circuit block, like an antialiasing filter (AAF), it is necessary to sample the CT
analogue signal for the SC circuit. Sampling can be performed with a series
switch and a capacitor in front of an SC integrator, as shown in Fig. 30. In this
case, the critical series switch S1 cannot be replaced by a switched-opamp (SO),
as in Fig. 28, because it is not preceded by one. One solution is to lower the input
CM voltage (VREF) of the integrator and reduce the signal amplitude at the input to
ensure the operation of switch S1, but this limits the maximum available SNR of
the system [155]. This problem can also be resolved by using low-VT devices [61,
113-118], internal voltage multipliers (clock-boosters) [141-144] or bootstrap
technique [145-150] but, as concluded earlier, these methods require either
special process technologies or voltages higher than the maximum supply voltage
allowed by the technology or complex control circuits.
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Reported true LV solutions for the critical input switch problem include replacing
the first switched capacitor with an equivalent series resistor [151], using direct
capacitive input decoupling [153, 156, 157] and using active circuits such as
switched-voltage amplifiers [158, 159] or switched-transimpedance amplifiers
[160]. Although simple, a series resistor at the input (instead of S1, S3 and CS)
makes it difficult to match the DC gain requirements of SC circuits. Also, the size
of the required resistor in LV/LP applications is at least in the megaohm range
[151], which requires a large silicon area in implementation. Direct capacitive
decoupling (by shorting switch S1 and removing switch S3) is an easy solution,
but requires highpass or bandpass topology, such as the SO-SC biquads presented
in [153, 156]. The decoupling method presented in [157] performs an input
voltage DC level-shift based on capacitive voltage division at the input of the SC
part. This is also quite a simple method since it needs only a few more switches
and an additional capacitor. The drawbacks are a reduced effective signal level at
the input due to the capacitive voltage division, and additional nonlinear parasitic
capacitances because of the switches.
Active methods, presented in [158-160], are constructed around active
amplifier circuits, which lead into more complicated realizations. All these
methods offer an accurate DC gain but, depending on the realization, are
degraded in linearity, bandwidth or slew rate because of the amplifier. Another
drawback of the active methods, when compared with the presented passive
methods, is their added power consumption. However, depending on the
requirements of the application all of the above-mentioned methods are applicable.
A more profound comparison between these methods is presented in [160].
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4.3.2 Internal circuit structures
The original switched-opamp (SO) structure [151] is presented in Fig. 31. It is a
conventional 2-stage Miller-compensated opamp (OPA) topology with two added
switches, S1 and S2. The bias current IB for the OPA is controlled with S1 in
parallel with a current mirror transistor M8. The switch S2 is needed to prevent
discharging of the compensation capacitance CM and the load capacitance (not
shown) connected to the output of the OPA during its off-state. The switching
speed of this switched-OPA is limited because of the gate-source capacitance of
transistors M1, M7 and M8 connected in parallel with S1. Therefore, some faster
switching-methods, where only certain parts of the opamps are switched on and
off, have been proposed in [153-155, 161].
VDD

φ

M8

S1

M1

Vin-

M2

M7

Vin+

M3

Vout

CM
M6

IB
M4

M5

S2

φ

Fig. 31. Internal structure of the switched-opamp [151] © 1994 IEEE.

In LV/LP applications, it is essential to use fully-differential (FD) structures in
order to maximize the DR and the SNR of the circuit. The first FD SO integrator
structure was proposed in [152] and the schematics of the FD SO and its CMFB
circuit were presented in [153] and [156], respectively. These circuits are based
on the continuous-time (CT) topologies presented in Fig. 17. The switching
scheme and the internal amplifier structures of the FD SO are shown in Fig. 32
and Fig. 33, respectively.
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Fig. 32. Fully-differential switched-opamp integrator with its CMFB circuit [153, 156] ©
1997 IEEE.

The CM control loop in Fig. 32 operates as follows: during clock phase 1 (φ1) the
main amplifier is switched off and capacitors CP and CN are charged to VDD and
the level-shifter capacitor CDC is discharged. During phase 2, the loop is closed
and charges in CP, CN, CDC and both feed-forward capacitors, CFF, are integrated
into CCMFB circuit through switches S5 – S7. The feed-forward capacitors, CFF
(which are not discharged during any clock phase) will improve the stability of
the CM control loop. The steady state occurs when the level-shifted sample of the
output CM voltage equals 0 V (i.e. ground). Then no charge is injected into CCMFB.
Capacitors CFB are the actual integrating capacitors of the main amplifier.
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Fig. 33. Internal structures of (a) the fully-differential (FD) switched-opamp and (b) its
CMFB circuit [153, 156] © 1997 IEEE.

The internal structures of the FD SO are presented in Fig. 33. The main amplifier
(a) consists of a CT input stage and a switched-mode output stage. The output
stage is switched on and off with switches S1 and S2. S3 and S4 are needed to
avoid discharging the Miller-capacitors (CM) during off-state. Because the charge
is stored in CM, no additional charging delay occurs at the beginning of the active
phase. During phase 2, all switches are closed and the output stage is activated.
During phase 1, the output stage is deactivated by opening switches S1 – S4, and
shorting transistors M7 and M13 to VDD. The short is made in the upper level
circuit (Fig. 32) with switches S1 and S2. The minimum supply voltage of the
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amplifier is not limited by the switches since S1 and S2 are connected to the
ground and S3 and S4 to nodes which are only one VDS(sat) above the ground.
Therefore, the minimum supply voltage for the main amplifier is the same as in
(19). Also the output swing remains almost rail-to-rail.
The CMFB circuit in Fig. 33 (b) is a CT 1-stage folded structure, similar to
the input stage of the main amplifier. The CM voltage of the CMFB circuit is
equal to ground and the output voltage Vctrl is connected to the gates of transistors
M4 and M5 in the main amplifier. The minimum supply voltage requirement is the
same as for the main amplifier.
Although most of the published LV/LP SOs are based on basic or foldedinput 2-stage Miller-compensated OPAs, shown in Fig. 31 and Fig. 33, it is also
possible to use operational transconductance amplifiers (OTAs), i.e. currentmirror opamps [154, 155], Papers VI and VII or folded-cascode opamps [162,
163], as SOs. Folded-cascode opamps are not usually used in their basic form in
very LV applications due to their reduced output voltage swing caused by a
stacked-transistor structure needed at the output. For that reason, they are often
equipped with an additional common-source output stage (Fig. 15) in order to
achieve rail-to-rail output operation. Because all these types of SOs can be
designed to operate with supply voltages of less than ~2VT (i.e. VDD < VTN + |VTP|
≈ 2VT) they are very useful circuit blocks in both analogue and digital LV/LP
circuits, such as SC filters and ΣΔ ADCs.
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5

Overview of the original papers

Papers I and II focus on developing continuous-time (CT), low-voltage (LV) and
low-power (LP) opamps with adequate input/output common-mode range (CMR)
and signal bandwidth (BW) to be used in amplifiers and filters aimed at
biomedical signal processing. Two different LV circuit design techniques, namely
the floating-gate (FG) and the bulk-driven (BD) technique, are revisited in the
design of two opamps with equal target specifications. A conventional 2-stage
Miller-compensated OPA is chosen as a starting point for these designs. The OPA
in Paper I is equipped with an FG input stage and the one in Paper II with a BD
input stage. Both opamps are processed on the same chip using standard 0.35 μm
n-well CMOS technology and they achieve almost rail-to-rail input/output CMR,
comparable gain, phase margin, GBW, slew-rate and noise properties with the
same power consumption. The performance of both opamps is considered to be
adequate for biosignal processing. However, the minimum supply voltage for the
FG OPA is 1.2 V while the BD OPA survives with 1 V. Also the size of the FG
OPA is larger (0.11 mm2) when compared with the size of the BD OPA (0.05
mm2). In addition, the random charge at the gates of the FG OPA needs to be
accurately controlled or else removed. In this particular design the FG charge is
removed by radiating the chip with ultra-violet (UV) light. Since the BD OPA
does not need any tuning and it achieves the same performance with lower supply
voltage and area consumption, it is considered to be a better choice between these
two designs for the aimed application. Therefore, the BD OPA is used in two
different circuit blocks inside an LV/LP RC oscillator, as presented in Paper VIII.
Paper III describes a 6th-order 5.4 kHz transconductor-capacitor (Gm–C)
bandpass filter (BPF) design for portable biomedical applications. The aim of this
current work is to study the possible advantages of a CT Gm–C filter with respect
to an earlier SC filter design with the same specifications. Since the pole and zero
frequencies of the filter are defined by the ratio of two dissimilar circuit elements,
i.e. an on-chip transconductor and a capacitor, with relatively low absolute
accuracy, a frequency-tuning circuit with an external reference is needed. Because
the application for the filter is a burst detection system, the overall frequency
response is not considered as important as the power consumption and the area.
Therefore a simple frequency-tuning scheme without Q-factor adjustment is
chosen. The filter is integrated with a 0.6 μm CMOS technology with a supply
voltage of 3 V and it consumes approximately 18 μA of current and 1.07 mm2 of
area. The measurements reveal a minor problem which manifests as quite a large
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variation of the center frequency and peaking at the passband edges. These
variations are tracked down as having been caused by offsets in the tuning circuit
(which accumulate from several sources) and from the simple transconductance
element used in this design. The offsets can be minimized by increasing the area
of both the tuning circuit and the Gm-elements, which leads to better matching
and smaller offsets. The peaking can be smoothened by using a more complex
transconductance element or an additional Q-tuning circuit with the expense of
increased area and power consumption. Therefore, the savings in area and power
consumption achieved in this design are considered marginal, if any, when
compared to an existing and earlier designed functional SC filter (with current
consumption of 36 μA and area of 1.5 mm2) for the same application.
Papers IV and VIII discuss the design of an LV, self adjusting RC oscillator
for capacitive and resistive sensor applications. Another possible application is a
clock oscillator for non-critical switched-mode applications, such as hearing-aid
devices. The main goals for the oscillator are: a fairly high initial operating
frequency of 5 MHz, good absolute accuracy without the need of calibration, and
LV/LP operation. Predetermined resistor and capacitor values are selected to be
quite large in order to avoid accuracy degradation caused by parasitic components
at the inside/outside (I/O) interface of the chip. Since the requirements for the
high operating frequency and the low power consumption are contradictory, the
RC oscillator employs a special method where the period of an internal voltagecontrolled oscillator (VCO) is sampled and compared with an external time
constant in a feedback loop. This method is originally proposed in [104], where
an RC oscillator operating with supply voltages from 2.7 to 6 V is presented,
whereas the oscillators presented in Papers IV and VIII are able to operate with
supply voltages down to approximately 1 V. Both designs (in Papers IV and VIII)
are implemented with a standard 0.35 μm CMOS technology with threshold
voltages of 0.5 V and -0.65 V. The first version of the LV/LP RC oscillator,
discussed in Paper IV, gains a total accuracy of 5% and consumes 20 μA with a 1V supply. Because the supply voltage range of the processed chip is quite limited
(1.0 – 1.3 V) and the author also had ideas for improving the accuracy and some
other features of the design, a new version of the RC oscillator was designed and
the results are published in Paper VIII. The revised version achieves an operating
voltage range from 1.2 to 3 V, a total accuracy of ±0.7%, including supply voltage
(1.2 – 3 V), temperature (-20…+60 °C) and chip-to-chip variation and consumes
less than 70 μA with a 1.5-V supply. Therefore, the revised RC oscillator is more
versatile and achieves adequate performance to be used either as a sensor
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interface or a clock generator in portable LV/LP applications where extreme
accuracy is not required.
Paper V presents the design and the measurement results of a 1-V, mediumaccuracy CMOS bandgap reference (BGR). LV operation of the bandgap
reference is studied in case an analogue-to-digital converter (ADC) or digital-toanalogue converter (DAC) is going to be integrated for a heart rate detector chip
or some other portable LV/LP application. The output voltage of the reference is
set by resistive subdivision. In order to achieve LP operation, the BGR is only a
1st-order temperature-compensated topology with large on-chip n-well resistors.
The output voltage of the BGR is 0.75 V and the total accuracy against supply
voltage (1.0 – 1.6 V), temperature (-20 … +50 °C) and chip-to-chip variation is
below 1.3% with a current consumption of less than 4.5 μA, which compares
favorably with other existing LV/LP designs. The BGR is realized with a 0.35 μm
CMOS technology and the size of the layout is 0.13 mm2.
Papers VI and VII introduce a practical realization of an analogue CMOS
preprocessing stage for a heart rate detector, which has been described in
Chapters 2.2 and 2.3. The integrated preprocessing chip includes a CT
preamplifier of 40 dB with offset-compensation, an antialiasing filter (AAF), an
8th-order discrete-time (DT) SC BPF, an output buffer/amplifier and the necessary
bias and clock oscillator circuits. The chip is integrated with a 0.35 μm CMOS
technology and it operates with supply voltages of 1.0 – 1.8 V, consumes 3 μA of
current and occupies an area of 0.71 mm2. Paper VI describes the overall design
and the main performance figures of the preprocessing stage, while Paper VII is a
more comprehensive presentation giving more details about the internal circuit
structures and complete measurement results.
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6

Discussion

This chapter discusses the design choices and the performance of the two LV/LP
ICs developed in this work and compares them with other published work. Some
design improvements for these circuits are also considered.
6.1

Analogue CMOS preprocessing stage for an HR detector

The main application developed in this work is an analogue preprocessing stage
for a heart rate (HR) detector. The preprocessing stage, presented in Fig. 34, is
suitable for both analogue and analogue/digital HR detectors. The signal path
consists of a continuous-time (CT) preamplifier and antialiasing filter (AAF), an
8th-order switched-opamp (SO) switched-capacitor (SC) bandpass filter (BPF)
and an SO-SC output buffer/amplifier. The preprocessing chip also includes the
necessary bias and oscillator circuits, which are all integrated, excluding the bias
resistor, the crystal and the input and offset-compensation capacitors. The whole
signal path is differential in order to suppress common-mode (CM) noise on the
signal path. The details of the integrated circuit blocks are presented in Papers VI
and VII.
Rbias

BIAS
Coffset
Cin

32 kHz

1 kHz
2-phase
clock

Rin

Vin

Vout
Cin
Coffset

Rin

A = 40 dB

AAF

SO-SC BPF A = 0/20 dB

Fig. 34. Analogue preprocessing stage for an HR detector.
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6.1.1 Design choices
Specifications for the analogue LV/LP preprocessing stage for a heart rate HR
detector were developed from data obtained from field tests in which signals were
recorded for people during exercise1. The field tests suggested the use of an 8thorder BPF with corner frequencies of 8 and 30 Hz and a minimum signal-tonoise-ratio (SNR) of 20 dB for reliable HR detection. Since the signal level of the
ECG obtained from the chest electrodes can typically vary between 100 μV and 2
mV (peak-to-peak), the input stage of the QRS detector has to be designed for
low noise operation. Furthermore, the DC offset voltage of up to 300 mV, caused
by the ECG electrodes, has to be cancelled. Other specifications for the subcircuits for the preprocessing stage also depend on circuit level design choices,
which are explained in the following paragraphs.
The 8th-order BPF is realized with SC technique. The choice has been mainly
affected by the need for a fairly accurate frequency response in order to maximize
the SNR of the QRS complexes to be detected in the presence of noise, e.g.
during sport exercise. The accuracy of SC filter coefficients relies on the accuracy
of capacitor ratios and the clock frequency. Because the capacitor ratios can be
made very accurate (in the order of 0.1%), a crystal oscillator has been chosen for
this application to ensure the overall accuracy of the filter. LV operation is
achieved by using an SO-SC structure for the QRS filter. Power consumption of
the filter is optimized by using a ladder filter topology, which offers a much
smaller spread of capacitance values and therefore also a smaller total amount of
capacitors than, for example, a biquad topology in this specific application. In
addition the SOs are optimized for LP operation by using an existing mirror OTA
topology. The open-loop gain of the current mirror OTA is lower than the gain of
a 2-stage OPA, but it consumes less power since it is compensated by the load
capacitance, unlike an OPA which needs an additional compensation capacitor
between the input and output stages. Because the filter topology does not include
any high-quality factor (high-Q) poles, the gain of an OTA structure is adequate
for the desired purpose.
The drawback of choosing a ladder filter topology instead of a biquad
topology is that the input signal can not be directly coupled through a capacitor.
Therefore, a series switch exists on the signal path. The series switch has to
__________________________
1

This aspect is beyond the scope of the thesis and will not be discussed in more detail in this context.
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conduct the whole signal swing of the preceding CT stage, which in this case is
the preamplifier with an embedded AAF. Because it turned out to be difficult to
design a fully-differential (FD), low-noise opamp with a rail-to-rail output
capability for the preamplifier, the preamplifier was implemented with two
parallel single-ended (SE) opamps with an input/output CM voltage closer to the
negative supply rail, i.e. ground. This also relieves the requirements for the
switches allowing NMOS transistors to be used as sampling switches at the
output of the preamplifier.
The preamplifier consists of two single-ended, 2-stage differential difference
amplifier (DDA) [164] structures. The other input of the DDA is used for
amplifying the weak ECG signal and the other input is used for the amplifier’s
offset compensation. The signal is AC coupled with an external capacitor and an
internal n-well resistor to cancel the electrode offset at the input of the amplifier.
By using two SE amplifiers in parallel instead of one FD, the need of an LV railto-rail common-mode feedback (CMFB) circuit can be avoided, which results in
simpler realization and lower power consumption. The drawback is that a CM
signal (noise) is not attenuated until in the SO-SC filter. Therefore, the
amplification is internally limited to 40 dB which results in a ±100 mV maximum
output voltage with the specified maximum signal level of ±1 mV at the input of
the preamplifier, thus leaving some safety margin for the CM variations. The
amplification is set by using a non-inverting topology with large n-well resistors.
The reference voltage, i.e. the analogue ground voltage for the preamplifier, is
generated by the bias circuit and set with an internal analogue ground buffer to
approximately 0.4 V. The preamplifier has been designed for low noise operation
to provide adequate SNR with the lowest specified input voltage level of 100 μVpp. The amplifier’s offset compensation is realized with on-chip transconductance
elements and off-chip capacitors. The pole of the embedded AAF is set by the
bias current and the Miller-compensation capacitor of the preamplifier.
The last stage on the signal path is an SO-SC output buffer/amplifier which
can be used for driving the next signal processing stage on-chip or, as in this case,
an external printed circuit board (PCB) load of the measurement setup.
6.1.2 Performance
Paper VII presents complete measurement results for the fabricated 1-V analogue
CMOS front-end for an HR detector. Since the presented chip, as far as this
author’s knowledge extends, is the first published very low-voltage preprocessing
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stage for an HR detector, which also includes an ECG preamplifier for the sensor
interface, it was not possible to compare this design with other comparable
designs at the time of publication. Recently, another work with close to similar
specifications, i.e. a wireless sensor node for continuous real-time health
monitoring [86], has been published, which makes it interesting to review the
achieved performance against the latest design. The main results of this work
(Paper VII), and the work presented in [86], are collated in Table 2.
Table 2. Performance comparison of integrated LV/LP ECG preprocessing stages.
Property

Paper VII 1)

[86] 2)

VDD

1.0 – 1.8 V

0.65 – 1.8 V

Structure

Differential

Differential

BW

8 – 30 Hz

0.1 – 300 Hz

Gain

40/60 dB (selectable)

38 – 58 dB (programmable)

36.1 dB 3)

60 dB

SNDR
CMRR
IRN
Itot
Technology

82 dB

61.9 dB

5.0 μVrms4)

18.7 μVrms

3 µA

45 µA

0.35 μm CMOS

0.18 μm CMOS

1)

Measured with VDD = 1 V. 2) Measured with VDD = 0.7 V. 3) SNDR = 42.0 dB with a nominal VDD = 1.5 V.

4)

The input referred noise (IRN) of the preprocessing stage is dominated by the preamplifier and the

simulated value over the BW (2 – 250 Hz) of the preamplifier is 14.7 µVrms.

Since the wireless sensor node, proposed in [86], is aimed at transmitting a highquality ECG for a home-based health monitoring system, it has higher BW and
SNDR requirements for the sensor interface than the one in Paper VII, which
presents a preprocessing stage for a portable HR meter aimed for detecting only
the QRS complexes from the ECG.
The supply voltage range of both designs is approximately the same. The
difference between the LV operating capability is partially due to higher threshold
voltages in the 0.35 µm CMOS technology (0.5 and -0.65 V) than in the 0.18 µm
technology (0.4 and -0.6 V), but also because of the use of special low-VT
transistors available in that particular process.
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Fig. 35. Block diagram of the sensor interface presented in [86] © 2010 IEEE.

The input referred noise (IRN) relative to the BW is also close to the same in both
designs, but the current consumption differs quite a lot. The current consumption
cannot be directly compared because of different circuit architectures, but there
are also a lot of similarities that can be observed by comparing the ECG
preprocessing stages presented in Fig. 34 and Fig. 35. The circuit blocks between
the ECG electrodes and the buffer amplifier in both designs are almost the same,
but in different order. Instead of the SO-SC filter in Fig. 34, there is a
programmable gain amplifier (PGA) in Fig. 35, which is needed to adjust the
signal amplitude before an ADC to optimize the dynamic range of the system.
Another difference is a driven-right-leg configuration [165] with an additional
amplifier needed to suppress the power mains interference effect. On the other
hand, the design shown in Fig. 34 (consisting of many comparable components
with comparable specifications) also includes bias and crystal oscillator circuits
while consuming less than one tenth of the current consumption reported in [86],
which means that the design presented in Paper VII is much more power efficient
than the one in [86].
In order to get a larger view for the performance of the developed circuit
structures, the preamplifier and the SO-SC BPF are also compared with other
similar circuit blocks up to the present. The main parameters of the preamplifier
in Paper VII and the latest LV/LP ECG preamplifier designs, presented in [82-85],
are compared in Table 3.
The gain of the preamplifier presented in Paper VII is set by a resistor ratio,
whereas in the other designs it is set by a capacitor ratio. Because the DC voltage
at the output cannot be defined only with a capacitor in a feedback loop, a resistor
is needed in parallel with the feedback capacitor. Since the parallel connected
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Table 3. Performance comparison of integrated LV/LP ECG preamplifiers.
Property
VDD

Paper VII

[82]

[83]

[84]

[85]

1.0 – 1.8 V

0.8 – 1.5 V

1.0 V

1.0 V

1.0 V

Structure

Differential

SE

Differential

SE

SE

BW

2 – 250 Hz

0.003 – 245 Hz

0.5 – 4300 Hz

0.05 – 200 Hz

0.005 – 292 Hz

Gain

40 dB

40.2 dB

31 – 52 dB

45.5 dB

45.6 – 60 dB

-

61 – 64 dB

100 dB

67 dB

71.2 dB

14.7 μVrms1)

2.7 μVrms

1.9 μVrms2)

2.1 μVrms

2.5 μVrms
337 nA

CMRR
IRN
Itot
NEF 3)
Technology
1)

725 nA

330 nA

21 μA

260 nA

24.2 (12.1 SE)

3.8

23.7

2.9

3.26

0.35 μm

0.35 μm

0.18 μm

0.35 μm

0.35 μm

CMOS

CMOS

CMOS

CMOS

CMOS

Simulation result. Single-ended IRN = 10.4 μVrms.

2)

Integrated from 0.1 to 200 Hz. 3) Noise

efficiency factor (NEF) defined in [166], see formula (34).

resistor will add a zero to the transfer function of the amplifier, the resistor value
has to be very large in order to avoid attenuating the passband of the ECG
amplifier. Generally, the required bandwidth (BW) for an ECG amplifier is
between 1 Hz and 250 Hz. Therefore, the zero should be placed to at least 1
decade lower frequency, i.e. to 0.1 Hz. With a fairly high integrated capacitor
value of 10 pF the required resistance value would be still at least 1.59 · 1011 Ω,
which is not realizable with any standard integrated resistor type. Therefore, these
designs take advantage of a pseudo-resistor [72] structure, which uses diodeconnected PMOS (n-well) transistors as resistors. With a negative VGS, the
maximum voltage swing of the pseudo-resistor is limited by the threshold voltage
of the diode-connected PMOS transistor, and with a positive VGS, by the threshold
voltage of a parasitic BJT in parallel with the PMOS transistor. In between the
threshold voltages there is only small leakage current flowing through the
structure, which behaves like a large resistor of the order of 1011 – 1014 Ω. The
drawback of this structure is that its resistance varies largely under positive and
negative biasing conditions. This problem has been addressed in [85], where a
balanced pseudo-resistor structure with a tunable resistor value is proposed. The
advantages of this structure are the tuning ability and symmetrical behavior under
positive and negative biasing conditions, but still the maximum voltage across
this resistor structure should be kept small in order to avoid large changes in
resistance. Other advantages of the capacitive-feedback amplifiers are their good
noise properties, because they do not need resistors at their input, and low power
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consumption, because the only resistive load they have to drive is the pseudoresistor in the feedback loop of the amplifier.
All of the presented preamplifiers are capable of operating with a 1.0-V
supply voltage. In Paper VII and [83] the signal path is differential, whereas in
[82, 84, 85] it is single-ended. Because the preamplifier in Paper VII consists of
two identical SE amplifiers, its current consumption can be halved when
compared with the SE topologies. Therefore, no significant difference exists
between the current consumption of this and the other design. However, the
current consumption of the differential preamplifier presented in [83] is much
higher than that in other designs, but its tunable frequency range is also larger,
which partially explains the difference.
The common-mode rejection ratio (CMRR) of the differential topology [83]
is also higher than that in the other designs. The CMRR of the preamplifier in
Paper VII is not mentioned because the CM signals are rejected at the next stage,
which is a fully-differential SO-SC filter. The CMRR measured at the output of
the SO-SC filter is approximately 82 dB.
Since there are no output pins between the preamplifier and the SO-SC filter
presented in Paper VII, the noise contribution of the preamplifier could not be
directly measured from its output. Despite that it can be estimated from the
simulated input referred noise (IRN) by integrating the 1/f noise and the white
noise over the BW of the preamplifier and quadratically summing them together.
The 1/f noise is dominated by the input transistors, as defined in (1), whereas the
white noise depends both on the input stage’s transistors, as stated in (2), and the
noise generated by the two input resistors Rin (shown in Fig. 34) of the
preamplifier. The effective noise bandwidth of the preamplifier is the bandwidth
of a brick-wall filter, which has the same amplification and area as the frequency
response of the preamplifier.
Since the measured SNR at the output of the whole ECG preprocessing chip
over the SC filter’s BW from 8 to 30 Hz with the minimum specified input signal
level of 100 μV(p-p) (= 35.3 μVrms) was 17 dB, the rms noise at the output of the
chip can be calculated from

Vn ( tot ,out ) =

Vout ( rms )
SNR

=

Vin ( rms ) ⋅ Gain
SNR

= 499 μVrms

(33)

which, when divided by the gain of the preamplifier, gives 4.99 µVrms as the total
IRN from 8 to 30 Hz. The simulated value for the same BW is 5.29 µVrms, which
is in good agreement with the measured value and proves that the noise of the
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overall system is dominated by the preamplifier. The simulated noise of the
preamplifier over its own BW from 2 to 250 Hz is 14.7 µVrms, which is used for
calculating the noise efficiency factor (NEF) of the preamplifier.
The NEF, introduced in [166], describes how many times the noise of a
system with the same current consumption and bandwidth is higher when
compared to the ideal case, which is an ideal BJT with only thermal noise. The
NEF is calculated from

NEF = Vn (tot ,in )

24.2
2 I tot
=
π ⋅ UT ⋅ 4kT ⋅ BW 12.1 ( SE )

(34)

where Itot is the total current consumption, UT = kT/q is the thermal voltage (~26
mV at room temperature), k is the Boltzmann's constant, T is the temperature, q is
the electron’s charge and BW the bandwidth of the preamplifier. The NEF is
calculated for both differential and SE cases to make the comparison easier. The
NEF of the differential preamplifier is comparable to the other differential
topology presented in Table 3, and the NEF of an SE version would be about four
times larger than the NEF of the best SE capacitive-feedback amplifiers. The
main reason for the higher NEF in this design is the DDA amplifier structure,
which has two identical input stages (one for the offset compensation and one for
the signal path), thus doubling the IRN and NEF figures.
In order to get a larger view for the current consumption and the noise
efficiency figures of biosignal preamplifiers, the current consumption and NEF of
this and other published works (also with higher supply voltages) are compared in
Fig. 36. The amplifiers presented in [20, 59, 68, 73, 74, 77, 78, 81-85, 166, 167]
and Paper VII are designed for ECG measurements or more versatile biosignal
measurements, also including electroencephalography (EEG), electromyography
(EMG) or electro-oculography (EOG) measurement abilities, whereas the designs
in [72, 75, 79, 168-173] are purely aimed for neural (EEG) recordings. The
preamplifiers presented in [20, 68, 169] and Paper VII are continuous-time
voltage amplifiers based on a resistor ratio and the ones in [59, 72, 78, 82-85, 170,
171, 173] are based on a capacitor ratio. The preamplifiers presented in [73, 166168] are based on active current feedback topologies and the front-stage presented
in [172] is based on an auto-zeroing DDA-topology. As expected, the capacitivefeedback amplifiers generally achieve lower NEF than the resistive-feedback
amplifiers. Chopper-stabilized topologies [74, 75, 77, 79, 81] are also very good
choices for low-noise amplifiers due to their inherently good 1/f noise properties,
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Fig. 36. Current consumption vs. normalized noise of the preamplifier presented in
Paper VII and the amplifiers presented in other publications. Resistive feedback
topologies are marked with triangles, capacitive feedback topologies with circles,
chopper-stabilized topologies with crosses, active current feedback topologies with
plusses and others with squares. Dashed lines indicate constant NEF contours.

but their current consumption is higher because of more complex circuit
structures.
The preamplifier presented in Paper VII features one of the best NEFs
amongst the resistive feedback topologies, right after the SE topology presented
in [20]. As a single-ended version, the current consumption is the lowest of all
resistive feedback topologies (all the other resistive feedback amplifiers in Fig. 36
are SE versions) being close to the lowest realized with capacitive feedback
topologies. When taking the supply voltage into account, Paper VII has the lowest
power consumption of all resistive feedback amplifiers being 725 nW from a 1-V
supply as a differential version and 363 nW as an SE version while, for example,
the preamplifier presented in [68] consumes 900 nW from a 2-V supply as an SE
version.
The other part of the preprocessing stage presented in Paper VII is an SO-SC
BPF for HR detection. The BPF is needed in order to maximize the SNR of QRS
complexes in a cardiac signal before further processing. Since the largest noise
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component in the cardiac signal during exercise is caused by motion artifacts,
which partially overlap the frequency range of QRS complexes, the filter should
have a good selectivity against these disturbances. The best compromise between
selectivity, complexity and power consumption has been achieved with an 8thorder SO-SC BPF with a frequency range of 8 – 30 Hz. The developed LV/LP
QRS filter is compared with other biosignal filters close to similar specifications
in Table 4.
Table 4. Performance comparison of integrated LV/LP biosignal filters.
Paper VII

[156] 1)

[174]

[175] 1)

[176]

[177]

VDD

1.0 – 1.8 V

1.0 V

0.9 V

1.0 V

1.0 V

1.0 V

Structure

Differential

Differential

Differential

Differential

SE

Differential

Topology

8th-order

4th-order

3rd-order

4th-order

6th-order

5th-order

SO-SC BPF

SO-SC BPF

SO-SC LPF

SO-SC BPF

Gm–C BPF

OTA-C LPF

1 kHz

1 kHz

8.33 kHz 2)

1 kHz

-

-

BW

8 – 30 Hz

40 – 90 Hz

0 – 90 Hz

10 – 80 Hz

514 – 874 Hz

0 – 250 Hz

Gain

0 dB

44.5 dB

15 dB

45 dB

0 dB

-10.5 dB

-

-

46 dB

-

49 dB

50 dB

SNR

42.6 dB 3)

-

44 dB

-

-

-

SNDR

36.1dB 4)

-

39 dB

-

-

-

CMRR

82 dB

-

-

-

-

-

Itot

400 nA

1.2 μA

222 nA

540 nA

68 nA

453 nA

Property

fs

DR

FOM 5)
Technology
1)

50 nW

300 nW

67 nW

135 nW

11 nW

91 nW

0.35 μm

0.35 μm

0.35 μm

0.25 μm

0.35 μm CMOS

0.18 μm

CMOS

CMOS

CMOS

CMOS

CMOS

Only simulated results are available. 2) One time-multiplexed switched-opamp (SO) shared by 6 SO-SC

stages is operated with a 6-phase 50-kHz system clock resulting in an effective sampling rate of 8.33 kHz.
3)

Limited by the preamplifier. 4) Limited by the series input switch of the SO-SC BPF. The input range is

optimized for nominal supply voltage of 1.5 V. 5) Figure of merit: FOM = Pfilter/(order of the filter).

The filters presented in Paper VII and [156, 174, 175] are based on the SO-SC
technique in order to achieve LV operation. The filters in [176] and [177] are
continuous-time (CT) realizations based on Gm–C topologies. Although the names
for these topologies (Gm–C and OTA–C) are different, both topologies utilize an
operational transconductance amplifier (OTA) as a Gm-element. All topologies in
Table 4 are capable of 1-V operation and have also been characterized with that
voltage, except the one in [174], which has been tested with a 0.9-V supply.
Therefore, it is easy to compare the achieved performance between them.
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Since the most important parameters for the designed QRS filter are LV/LP
operation and steepness of the stop-band attenuation, a suitable figure of merit
(FOM) for this design is the power consumption divided by the filter order, used
in [174]. The QRS filter presented in Paper VII has the lowest FOM of 50
nW/pole from all SO-SC topologies. This is due to a very power efficient SO
structure, which is based on a fully-differential current mirror OTA amplifier with
a CMFB circuit. Although the frequency bands of the SO-SC filters presented in
Table 4 are slightly different, the requirements for the opamps are mainly set by
the sampling frequency (assuming low-Q filter poles), which is 1 kHz in Paper
VII and references [156] and [175]. Therefore, the power efficiency of these
filters can be directly compared by dividing the power consumption by the filter
order, which is at the same time the amount of SOs included in the filter.
The filter presented in [174] is quite different from the other three SO-SC
designs because it uses only one time-multiplexed SO which is shared by six
consecutive stages (three for the 3rd-order low-pass filter and three for a 3rd-order
ΣΔ modulator). For this reason, the internal amplifier structure consists of two
parallel output stages which are active during both clock phases. Furthermore,
this opamp is used in six consecutive stages, which is accomplished by timesharing. The time-sharing causes the effective sampling rate of one filter stage to
be one sixth of the original system clock frequency, which is 50 kHz divided by 6,
i.e. 8.33 kHz. On the other hand, the power consumption increases because the
opamp has to be designed to meet the settling requirements with 50 kHz clock
frequency, but then again the amount of opamps is reduced to only one, which
decreases the power consumption. The net effect in this case is that the power
consumption per filter pole in [174] is higher than in Paper VII. When taking the
sampling frequency into consideration, the design presented in [174] would be
more power efficient if its effective sampling frequency were lowered to 1 kHz.
This is due to a lower bias current needed for the opamp to maintain the same
settling performance than with the original operating frequency.
The most power efficient design in Table 4 is the single-ended Gm–C filter
presented in [176]. It consists of eight Gm-elements and six capacitors realizing a
6th-order ladder filter topology. The filter is originally designed as a part of a
breathing detector, but its programmable frequency range extends from a center
frequency of 100 Hz to approximately 20 kHz, thus making it suitable also for
many other biomedical applications. The performance figures listed in Table 4 are
the measurement results obtained for the nominal center frequency of 670 Hz.
Since the center frequency is linearly programmable with a bias current, the
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estimated current consumption at 100 Hz is approximately only 10 nA, which
makes it an interesting alternative for the QRS filter described in Paper VII. The
linear input voltage range in [176] is 40 mVp-p, which is smaller than the 200
mVp-p input voltage range of the SO-SC filter presented in Paper VII.
Another LV/LP Gm–C filter, proposed in [177], is aimed at ECG filtering with
a bandwidth of 250 Hz. This filter consists of eleven Gm-elements and five
capacitors realizing a 5th-order low-pass ladder filter topology. This design makes
use of a more complex Gm-element than the one in [176], resulting in a larger
input voltage range of 200 mVp-p (although the measurements have been carried
out with a 100-mVp-p input level) but with the expense of increased current
consumption, which is even larger than the current consumption for the SO-SC
BPF in Paper VII. Furthermore, this design attenuates the passband by 10.5 dB,
which is explained partially by the topology and partially by the finite output
resistance of the OTAs.
Since the accuracy requirements for the QRS filter parameters are quite strict,
the filter has to be very robust against process, temperature, supply voltage and
component variations. The accuracy of SC filters is mainly dependent on the
accuracy of on-chip capacitor ratios and sampling frequency, assuming that the
opamps used in the SC-integrators exceed their minimum specified performance
requirements in all conditions. Since the accuracy of the capacitor ratios can reach
0.1% with a careful layout design, the total accuracy with a crystal oscillatorbased system can easily be within 1%. The situation with Gm–C filters is quite
different since the accuracy of their filter coefficients depends on two dissimilar
elements, namely the transconductor and the capacitor, which do not track each
other. Therefore, both the Gm-elements and the capacitors have to be well
matched altogether. Furthermore, the requirements for the Gm-elements are much
more stringent than for the opamps in SC-filters because they have to maintain a
constant transconductance over the passband with all signal levels. Since the
linear input voltage range (within 1%) of a conventional transconductor based on
an OTA can reach only a few tens of millivolts, a large number of different
variations for Gm-elements and their linearization techniques have been proposed
in the literature. Although the transconductance values for the Gm-elements can be
made linear and quite well-matched with each other in a limited input voltage
range, they still need to be compensated against the temperature and the supply
voltage variations. For this reason, the Gm–C filters also need some sort of a
tuning circuit that locks their transconductance values to an appropriate stable
reference, which is usually a clock signal generated by an internal or an external
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oscillator. The Gm–C filter presented in [176] is externally tunable with a bias
current, while the one in [177] uses external voltage. Neither of them includes an
on-chip tuning circuit, whereas the design presented in Paper VII includes all the
necessary peripheral circuit blocks, including a bias circuit and a crystal oscillator.
On top of the presented design challenges, the additional tuning circuit (which
also needs to be accurate) needed by the Gm–C filter topologies in [176] and [177]
would also increase their total power consumption and area, a factor which
decreases their attractiveness in this particular application.
6.1.3 Future work
Even though the designed QRS detector chip fulfills the performance
requirements set by the application, there are a couple of issues that need to be
considered when improving the design. The first of them is related to the
preamplifier of the QRS detector. In the present design, two single-ended
amplifiers, instead of one differential one, are used in parallel to make differential
signal processing possible in the subsequent stages. The drawback of this choice
is that common-mode (CM) disturbances, like motion artifacts and noise, are
passing through until the first genuinely differential stage, namely the SC filter. A
large unwanted CM component in the signal path might then saturate the output
of the preamplifier (because of the large amplification of the order of 40 dB
needed) resulting in missed beats at the output of the whole QRS detector. In the
case of a fully-differential amplifier, this would not be a problem since the
common-mode feedback (CMFB) circuit will remove the CM component at the
output as long as the input stage of the preamplifier is not saturated. The problem
is to find a CMFB circuit for the preamplifier which would operate reliably from
rail to rail with all specified supply voltages and a low current consumption. The
answer to this problem may well be found in floating-gate or bulk-driven
techniques, as discussed in Chapter 4.
Another way to improve the performance of the preamplifier is to use a
capacitive feedback instead of a resistive feedback for the preamplifier, which
enables better noise performance with probably lower power consumption.
Otherwise, the main problem is the same, i.e. how to implement a fullydifferential structure in an LV environment.
If a suitable fully-differential structure with a rail-to-rail output capability
was to be developed then the next improvement for the performance would be
achieved by using a rail-to-rail series switch (a bootstrapped switch [145-150] or
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a switch built with amplifiers [158, 159]) in between the continuous-time (CT)
preamplifier and the following switched-opamp switched-capacitor (SO-SC) filter,
or to change the SC filter topology to another type of topology (like the bandpass
biquad filters presented in [153, 156]) that do not require a series switch. The
choice of the filter topology might impact strongly on the total amount of filter
capacitances, as described in Chapter 6.1.1, something which inevitably increases
the current consumption.
Since the preprocessing stage for a QRS detector is most probably going to
be integrated as a part of a more complex system, such as a heart rate detector
chip with an integrated decision algorithm and parameter calculations, it is worth
considering at which point it would be wise to convert the ECG signal into digital
form. The first point could be right after the CT preamplifier and another point
would be after the SO-SC filter and the third choice is to combine the SC-filter
and the ADC, as in [174]. Because the developed LV/LP circuits and structures
can be exploited, for example in the design of LV/LP ΣΔ modulators, the next step
would be to study different LV/LP A/D converter topologies for optimal circuit
level realization of the whole system.
6.2

RC oscillator for clock and sensor applications

A functional circuit block diagram and a timing diagram of the developed RC
oscillator are presented in Fig. 37. The integrated circuit comprises of a charge
pump (CP) driven, voltage-controlled oscillator (VCO), a frequency divider (1/N),
a comparator (COMP), a logic circuit (LOGIC) and a few switches. The only
external components of the oscillator are passive components R and C. Detailed
circuit description of the RC oscillator is given in Papers IV and VIII.
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Fig. 37. Block diagram (a) and a timing diagram (b) of the developed RC oscillator.

The operation of the RC oscillator is based on a special method where N cycles of
the output frequency of the internal VCO are counted and compared with a time
base formed by an external time constant RC in a feedback loop. This is
accomplished by comparing two voltages, VR, which is the voltage across the
resistor R, and VC, which is the voltage across the capacitor C, with each other.
The waveforms of VR and VC are shown in Fig. 37 (b). The voltage VR stays
constant whereas the voltage VC can vary between the supply voltages as the
capacitor C is charged and discharged with switches driven by the logic circuit.
During the ramp period, tRAMP, capacitor C is charged with a constant current
IRAMP, which is mirrored from the current IR (IRAMP = m ·IR) flowing through the
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resistor R. During the hold period, the switches are open and VR is compared with
VC by the comparator. If VC is higher than VR, i.e. the period of the VCO is shorter
than desired, the logic circuit drives the charge pump to update the input voltage
of the VCO in order to increase its period. If VC is lower than VR, the VCO is
updated to decrease its period. When VC is equal to VR, the frequency of the VCO
has reached the desired value and is no longer adjusted, as long as the equilibrium
is maintained. During initializing period tINIT, the capacitor C is discharged. It
should be noted that there are no additional delays present in this topology, since
the output of the comparator is read at the end of the hold period, which is long
enough for proper settling of the comparator.
The operation of the RC oscillator can also be explained by the following
relationships:

I RAMP = m ⋅

VR
R

N
⋅ tosc
4
CVR = I RAMP ⋅ t RAMP
1
mN
f osc =
=
t osc 4 RC
t RAMP =

(35)
(36)
(37)
(38)

where
IRAMP
tRAMP
VR
tosc
fosc
m
N
R
C

ramp current,
time of charging C,
voltage across resistor R,
period of the oscillator,
frequency of the oscillator,
current ratio IRAMP/IR,
division ratio of the frequency divider,
external resistance to set the frequency,
external capacitance to set the frequency.

The last relationship (38) shows that the output frequency of the oscillator is also
independent of supply voltage, temperature and process variations. As N can be
assumed ideal, the accuracy of the oscillator mainly depends on the accuracy of
the current mirror ratio m and the external time constant RC. Since the accuracy
of m can be within 1% with careful layout design, the total accuracy of the RC
oscillator mainly depends on the accuracy of external passive components R and
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C and their parasitic components caused by the inside/outside (I/O) interface of
the chip. Therefore, sufficiently high values for R and C are used to suppress the
effect of additional parasitic components.
6.2.1 Design choices
The chosen topology (Fig. 37) can be optimized for many applications by
choosing the values for the desired operating frequency and passive components
R and C. In this work, the primary goal has been to achieve an accurate and stable
5-MHz clock oscillator with a reasonable settling time of < 1 s without tuning and
to minimize the power consumption. The best compromise between these
requirements was achieved with the following combination of design parameters
(see formula (38)):
m = 3.91
N = 512
R = 100 kΩ
C = 1 nF
Another goal of this work has been to increase the versatility of the used topology
to be also used in resistive and capacitive sensor applications.
The developed RC oscillator (Fig. 37) is powered by a very simple bias
structure consisting of an external resistor and a diode-connected transistor. The
reason for this is the requirement for a very low supply voltage of 1 – 1.5 V. The
drawback of this structure is that the bias current levels of the whole chip are
increasing with the supply voltage. On the other hand, this is not a problem since
the aimed supply voltage range is only a few hundred mV, which corresponds to
the life-time of a single battery cell. In the first version (Paper IV), the diode
connected bias transistor and the following current mirrors are realized with
single transistors, which allows the use of a supply voltage as low as 1 V in a
process technology with threshold voltages of VTN = 0.5 V and VTP = -0.65 V.
Since the frequency accuracy of the first version was dominated by the accuracy
of the current mirrors, another version (Paper VIII) with LV cascode current
mirrors was designed. This change increases the minimum supply voltage
requirement by approximately 0.2 V, but leads to more accurate overall
performance.
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The VCO is realized with a current-starved 5-stage ring oscillator, which
satisfies the LV/LP and operating frequency range requirements set for this work.
The operating frequency is controlled with a charge pump (CP) structure [178],
which also minimizes the parasitic injection from the switches to the integrating
capacitor. The opamp needed by the structure is realized with a two-stage Millercompensated opamp with a bulk-driven (BD) input stage (presented in Fig. 23).
The BD-opamp enables the CP to set the control voltage of the VCO precisely to
any value between the supply voltages. The CP current in the first design (Paper
IV) is mirrored directly from the bias current, which causes the update step size of
the CP to be supply voltage dependent. In the second design (Paper VIII), the CP
current is realized with a dynamic current generator (DCG), which generates the
CP current based on the voltage difference VR – VC (see Fig. 37) across external
components R and C. When VR – VC is large (i.e. the operating frequency is far
from the desired) the update step is large and when VR – VC is small the update
step is small, which leads to both faster settling and smaller jitter of the oscillator.
The input stage of the DCG is of BD type to allow rail-to-rail input signals.
The digital part of the chip in both designs, presented in Papers IV and VIII,
is designed with full-custom components, because the standard library cells,
which are optimized for 3.3 V supply voltage, do not operate satisfactorily (or not
at all) with supply voltages down to 1 V.
6.2.2 Performance
A summary of the measurement results of the developed self-calibrating RC
oscillator, described in Paper VIII, and the performance of other published LV/LP
designs are collated in Table 5. All the other designs are true LV designs, except
[97, 98], which are taken into comparison due to their good frequency stability for
being fully integrated RC oscillators. Other fully integrated RC oscillators are [94]
and [103], which means they can be used only as clock generators and not as
sensor interfaces. The only RC oscillators which can be used for both applications
are the ones presented in Paper VII and [105]. These designs are based on the
same operation principle but the one in [105] includes an additional programming
on-the-fly option.
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Table 5. Performance comparison of LV/LP RC oscillators.
Property

Paper VIII

[94]

[97, 98]

[103] 1)

[105]

VDD

1.2 – 3.0 V

1.1 – 2.0 V

1.7 – 1.9 V

0.9 – 1.1 V

1.25 – 1.5 V

fosc

0.2 – 150 MHz

1.2 MHz

14 MHz

307.2 kHz

6 – 24 MHz

ext. R/C

int. R/C + const.-

int. R/C

int. R/C

ext. R/C

+ trimming

+ trimming
-

Reference

gm bias
fosc vs. VDD
fosc vs. T
Δfosc(tot)
Itot

1.47E-3/V
-21 ppm/°C
< ±0.69%

2)

3)

91.1E-3/V

16.0E-3/V

-

-

91 ppm/°C

-

-

< ±4.1%

-

< ±6.1%

< 4% 4)

68 μA @ 1.5 V

7.7 μA @ 1.2 V

24 μA @ 1.8 V

660 nA @ 1 V

< 750 μA

FOM (Posc/fosc)

21 pW/Hz 5)

7.7 pW/Hz

3.1 pW/Hz

2.15 pW/Hz

47 pW/Hz 6)

Area

0.077 mm2

0.031 mm2

1.25 mm2

0.0275 mm2

0.14 mm2

0.35 μm

0.18 μm

1 μm

0.25 μm

0.18 μm

CMOS

CMOS

CMOS

BiCMOS

Technology
1)

Measurement results with the higher of the two selectable operating frequencies.

with VDD = 1.5 V and temperature range of -20 to 60 °C (excluding R and C).

3)

CMOS
2)

Measured

With VDD = 1.2 – 1.5 V

and temperature range of -20 to 60 °C (excluding R and C) including chip-to-chip variation (Δfosc(tot) = ±1%
with full VDD range). 4) Includes 1% variation in external R and C. 5) Calculated with nominal values: fosc = 5
MHz, VDD = 1.5 V and Itot = 68 μA.

6)

Calculated with fosc = 24 MHz, VDD = 1.5 V and Itot = 750 μA.

A brief overview for the performance figures shows that the developed design
achieves the largest supply voltage and operating frequency range with the best
accuracy and stability over process, temperature and supply voltage variations.
The current consumption falls in the middle of the referenced designs, being
about one decade larger and one decade smaller than the extremes.
The operating frequency of the developed RC oscillator is set with external
components R and C, which means that the accuracy of the whole circuit relies on
both the accuracy of the external components and the internal circuit structure.
Therefore, the reported frequency accuracy figures are given only for the internal
part and the total accuracy can be calculated by adding the influence of external
components. If the oscillator is used as a clock generator then the worst case
frequency variation can be calculated by adding the internal supply voltage
variation to the temperature variations of the external R and C and the internal
structure. The measured internal supply voltage variation and the temperature
coefficients (TC) of the oscillator are 1.47 · 10-3 1/V and -21 ppm/°C, respectively,
and the total TC with external components can be calculated from
TC tot = TC int − TC R − TC C

(44)
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where the negative signs in front of the temperature coefficients TCR and TCC are
due to the oscillator topology. Since the best thin film resistors can have a
tolerance of 0.1% with a TC of 5 to 25 ppm/°C (foil resistors even ±0.005% and
0.14 ppm/°C) and ceramic capacitors a tolerance of 0.1% with a TC of ±30
ppm/°C, the TCtot of the designed RC oscillator can theoretically reduce to zero
depending on the signs and values of the different TCs. In the measurements, the
TCR was 10 ppm/°C and the TCC was -133 ppm/°C, which resulted in a TCtot of
102 ppm/°C.
The total variation of fosc caused by the internal circuit structure is less than
±0.69% (including chip-to-chip variation), which means that with external
precision components the total accuracy of the oscillator is within ±1%. The
achieved frequency accuracy and stability are clearly the best when compared
with other LV/LP designs in Table 5. Furthermore, it is a self-calibrating structure,
which locks its frequency to the RC time constant and does not need any tuning
or additional references. Therefore, the designed oscillator is very suitable for
both clocking and sensor applications where good accuracy is demanded.
Because of the simple bias current circuit used, the current consumption of
the developed oscillator is strongly dependent on the supply voltage and the
external resistor. With nominal component values (R = 100 kΩ and C = 1 nF @ 5
MHz) the current consumption varies from 48 μA to 68 μA when the supply
voltage is swept from 1.2 to 1.5 V. The current consumption of this design is
larger than that of most of the other designs in Table 5, but it can be dropped
down by increasing R and reducing C and the supply voltage while maintaining
the same operating frequency, if necessary.
Since the main goal of this work was to develop a very low-voltage (≤ 2VT +
Vov) and accurate RC oscillator capable of fairly high operating frequency with
low current consumption, a suitable figure of merit (FOM) for this design is the
power-to-frequency ratio. When compared with other designs, the FOM achieved
by this design seems quite modest but, when taking into account the possibility of
adjusting the component values and the supply voltage, the FOM can be
optimized with respect to the application. For example, if the supply voltage is set
to 1.2 V and the external component values are R = 100 kΩ and C = 100 pF, the
output frequency rises to 50 MHz and the current consumption to 87 μA, resulting
in an FOM of 2.1 pW/Hz, which is already comparable with the best results.
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6.2.3 Future work
Although the designed RC oscillator achieves most of the desired properties of a
good oscillator, there is still need for some improvements. While the first version
of the oscillator (Paper IV) was suffering from a limited supply voltage range of
1.0 – 1.3 V, a long start-up time of up to 2 s, a higher than desired rms period jitter
up to 500 ps @ 5 MHz and lower frequency accuracy of 5%, the second version
(Paper VIII) improved all these figures except the jitter, which was about the
same with the lowest supply voltages but much higher, up to 6 ns, with higher
supply voltages. This is due to the calibration method used in both designs.
The output frequency of the oscillator is updated with a charge pump
structure [178], presented in Fig. 38. The control voltage, Vctrl, is updated with a
current Ipump and switches S1 and S3. This structure also minimizes the parasitic
injection from the switches to the integrating capacitor, Cctrl, with two additional
switches, S2 and S4, and an opamp. In order to achieve a low jitter for the VCO,
the update step, ΔVctrl, has to be very small. On the other hand, a small update step
causes the oscillator to settle slowly to the desired operating frequency. This leads
to long start-up times and, in sensor applications, an inability to track fast changes
in sensor impedance.
VDD
Ipump
S1

_

S2

+
S3

Ipump

Vctrl
S4

VCO

fosc

Cctrl

Fig. 38. Schematic of a charge pump structure used in the developed RC oscillator
[178] © 1988 IEEE.
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In the first version (Paper IV), the update step was generated with a constant
current, which was directly mirrored from the bias current. This caused the jitter
to also be a function of the supply voltage, which had to be taken into account
when designing a suitable compromise between the start-up time and the jitter.
In the second version (Paper VIII), the trade-off between the start-up time and
the jitter was avoided by designing a dynamic current generator (DCG), presented
in Fig. 39 (a), which generates the charge pump current Ipump (= Iout) = |I1 – I2|
based on the voltage difference between the voltages Vin1 and Vin2 across external
R and C. When the voltage difference is large, i.e. the oscillator is far away from
VDD
M1

M2

M3

I3

Vbias

M4
I1

M5

M13 M14

M15

M7
I2

M11
Vin2

M10

Vin1

M12

M6

M16 M17

M8

M9
I4
Iout

M18

M19 M20

M21

(a)
Ipump
ideal case
Imax

Ioffset

Imin
0

Voffset

VR - VC

(b)
Fig. 39. (a) Dynamic current generator (DCG) for the RC oscillator and (b) the effect of
the input offset voltage of the DCG on the charge pump current.
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the desired frequency, the update current is larger and when it is small the update
current is also small. Unfortunately, the input offset voltage of the DCG structure
reduced the performance of the developed update method. The effect of the offset
voltage on the charge pump current Ipump is shown in Fig. 39 (b). Ideally, Ipump
reaches its minimum at VR – VC = 0. If there is an offset voltage present at the
input of the DCG, then the minimum value of Ipump moves away from the
fundamental output frequency and causes a larger current Ioffset to update the
oscillator at its locked operating point. This causes a larger variation, i.e. larger
jitter, around the fundamental frequency. If the minimum current point is located
between the initial (start-up) frequency and the fundamental frequency, it also
causes delay for the start-up time of the oscillator because the output frequency is
updated with very small steps around the minimum current point. Therefore, the
offset voltage needs to be removed or compensated by the design.
Because the output frequency of the VCO (and Vctrl) is updated only after
every Nth output period, the offset voltage of the DCG circuit can be compensated
by a simple auto-zeroing circuit which samples the input offset voltage of the
DCG to a capacitor and adds it in series with the input stage during the next
comparison phase, thus canceling the offset. However, the offset cancellation
circuit needs to be simulated carefully in order to reveal possible problems caused
by leakage currents of the bulk-driven input transistors used in the DCG circuit.
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Conclusion

The aim of this work has been to develop LV/LP analogue CMOS circuit blocks
for heart rate detectors and other battery-operated applications where low-power
consumption is essential. The requirement of very low supply voltage operation is
dictated by the development of CMOS process technologies, the latest of which
are already limiting the maximum allowable supply voltage to about 1 V.
The work was started with the design of operational amplifiers with bulkdriven (BD) and floating-gate (FG) input stages to increase the linear input
common-mode (CM) voltage range of opamps under LV conditions. Another,
separately published, LV circuit block is a bandgap reference circuit, which was
designed to provide an accurate and stable voltage reference with supply voltages
even less than the bandgap voltage, which is ~1.26 V at room temperature. The
reference voltage is set with a resistive voltage division at the output of the circuit.
All the aforementioned circuits were also manufactured and tested to ensure their
performance and functionality in practice. The work was then continued with the
integration of larger completeness.
A 6th-order 5.4 kHz transconductor-capacitor (Gm–C) bandpass filter design
for portable biomedical applications was developed to study the possible
advantages of a continuous-time Gm–C filter with respect to an earlier designed
SC filter with the same specifications. However, the savings in area and power
consumption achieved by this design were considered marginal, if any, when
compared to the earlier designed fully functional SC filter.
The work was completed with the design of two LV/LP applications, one
being an analogue CMOS preprocessing stage for a heart rate (HR) detector and
the other a self-calibrating RC oscillator structure for clock and
resistive/capacitive sensor applications, both of which were also manufactured
and tested. The preprocessing stage for an HR detector consists of a continuoustime preamplifier with a gain of 40 dB, an 8th-order switched-opamp switchedcapacitor (SO-SC) bandpass filter, a 32-kHz crystal oscillator and a bias circuit,
and it achieves a supply voltage range of 1.0 – 1.8 V and a current consumption
of 3 μA with performance figures comparable to state-of-the-art designs. The RC
oscillator operates with supply voltages of 1.2 – 3.0 V, achieves a tunable
frequency range of 0.2 – 150 MHz with a total accuracy of ±1% including process,
temperature and supply voltage variations (with supply voltages of 1.2 – 1.5 V)
with external precision components R and C, which results are better than the
published performance of other LV/LP designs. Therefore, it can be concluded
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that the developed low-voltage low-power analogue circuit structures can achieve
the required performance and therefore be successfully implemented with modern
CMOS process technologies with limited supply voltages.
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